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ABSTRACT 
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The commercial demand for a greater number of cellular telephone channels 
has prompted the cellular industry to try alternative methods to increase the bandwidth 
efficiency. The two methods that have emerged are Time Division Multiple Access 
(TDMA) and Code Division Multiple Access (CDMA). TDMA promises a bandwidth 
efficiency gain of 3-6 over conventional analog Frequency Division Multiple Access 
(FDMA) techniques, and CDMA promises a bandwidth efficiency gain of 10-20 over 
analog FDMA [4]. While the CDMA system offers greater bandwidth efficiency, it is 
also more complex and therefore a more expensive technology. 

To facilitate the commercial use of the two technologies, the Telecommunica-
tions Industry Association (TIA) in conjunction with the Electronic Industries As-
sociation (EIA), have developed the IS-54 interim standard for TDMA systems, and 
the IS-95 interim standard for CDMA systems. Within these documents are the spec-
ifications of the Requirements for Mobile Station TDMA/CDMA Operation and the 
Requirements for Base Station TDMA/CDMA Operation. 

One of the more sophisticated components of the CDMA system is a 47th or-
der baseband lowpass Finite Impulse Response (FIR) filter. This filter has a high 
complexity factor which also means it has a high monetary cost. 

This thesis investigates the use of multirate techniques to decrease the filter 
complexity of the baseband FIR filter. The proposed filters meet the IS-95 baseband 
filter specifications. At the same time, the filters reduce the overall filter complexity 
by a factor of about 1.5 for a single rate Interpolated FIR, and by about 2.5 for a 
single stage multirate filter. 
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1. INTRODUCTION 

1.1 Motivation for Research 

Cellular telephones have become more popular due to their decreasing cost and 

their increasing convenience factor. This increase in demand for more cellular chan-

nels combined with the limited available radio spectrum for cellular communications, 

has prompted the cellular industry to look for alternative technologies to meet this 

demand. 

Currently, cellular phone services occupy the radio frequency spectrum from 824-

849 MHz and 869-894 MHz. The current federal regulations stipulate that the allotted 

frequency spectrum must be split into two frequency segments to allow competition 

between two licenced cellular service operators per service area. This means that 

each service provider only has access to 25 MHz for any given service area. The 

25 MHz is divided into forward and reverse channels which allows for a 12.5 MHz 

frequency band in each direction. The first cellular modulation scheme was based 

on frequency modulation. A bandwidth of 30 kHz was allocated for each one-way 

channel. Thus the 12.5 MHz band was divided into 416 channels [1, 2]. In densely 

populated metropolitan areas, this number of available channels is not sufficient for 

satisfactory service. This problem could be solved using smaller cells, and low power 

cellular radios, but this approach greatly increases the amount of hardware required 

and also increases the complexity of the system. 

Conventional analog Frequency Division Multiple Access (FDMA) could not use 

the same channels in neighboring cells because this modulation scheme is prone to 

adjacent cell interference. Commonly each frequency is allocated to 1 of every 7 cells. 

Access methods such as Time Division Multiple Access (TDMA) and Code Divi-

sion Multiple Access (CDMA) have been developed to increase the number of channels 

on the available spectrum. 

1 
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TDMA is a method in which the standard FDMA frequency channels are also 

divided into time slots[5]. Each time slot supports a transmission rate of 16 kbps. 

The 16 kbps rate is sufficient for a voice channel when linear predictive codecs are 

used. However, once the time slots are full, the system is operating at full capacity 

and no further users can gain access. This technique is also prone to adjacent cell 

interference and commonly a frequency band is only used in 1 of every 7 cells. 

CDMA is a Spread Spectrum (SS) technique that has gained wide acceptance for 

mobile communications. Spread spectrum techniques have a great advantage in that 

they are quite immune to adjacent cell interference. The spread spectrum system can 

reuse the entire spectrum in every cell. With this advantage, the capacity of a CDMA 

system is about 4 to 6 times that of digital TDMA/FDMA, and about 20 times that 

of analog FM/FDMA systems [4]. 

A CDMA system has been developed by Qualcomm along with a chipset, and 

is available to other manufacturers for a licencing fee. This is a very advanced and 

expensive chipset, and is therefore the focus of cost reduction efforts. One of the 

more sophisticated components of this chipset is a 47th order baseband low pass finite 

impulse response (FIR) filter. This filter is applied to the signal just before modulation 

onto a radio frequency carrier. The CDMA signal at this point is composed of square 

pulses with a frequency spectrum consisting of an in-band fundamental component 

and out-of-band higher harmonics. The purpose of this filter is to bandlimit the signal 

frequency spectrum such that after modulation, interference to the adjacent frequency 

spectrum is kept to an acceptable minimum level. Due to the characteristics of the 

FIR filter, it is a very complex and therefore a very expensive component. It would 

be of great benefit if the complexity of this filter could be reduced. This would result 

in a component that could be manufactured more economically. 

1.2 Overview of Spread Spectrum 

The concept of spread spectrum is not new. It was used in World War II by the 

military[3]. Initially, the motivation to use Spread Spectrum came from a need for the 

military to make communications immune from jamming signals transmitted by an 
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adversary. Most of the research in this area was classified. Since then, the recent de-

mand for more wireless service from users of new wireless technologies such as wireless 

networks, and cellular telephony have renewed a greater interest in understanding the 

capabilities and limitations of spread spectrum techniques. With the need for more 

and more communications within a limited bandwidth, it becomes imperative that 

this bandwidth be used more efficiently. Spread spectrum systems meet this demand 

by allowing additional users to use the same spectrum that is already being used by 

other, existing users [6, 7]. 

1.2.1 Spread Spectrum Characteristics 

Until recently, the main interest for spread spectrum communications stemmed 

from a military scenario for protection from hostile intentional smart jamming. The 

main reasons for using spread spectrum was its ability to resist conventional nar-

rowband jamming. However if a spread spectrum system is implemented correctly 

other benefits can be gained. These benefits are anti-interference, privacy due to 

a low probability of intercept, multi-path rejection, and multi-user random access 

communications with selective addressing [6]. 

The main concept of spread spectrum is to transform a narrow band signal into a 

wide band signal which resembles noise. Assume that the narrow band signal has a 

bandwidth of B, and the wide band noise like signal has a bandwidth of B„. If the 

total power of the narrow band signal, P,, is the same as the total power of the wide 

band signal, P„, then power spectral density of the wide band signal is /3,(138/B„). 

The ratio B„/B, is called the processing gain and is usually 10-30 dB. This means 

that the spectrum of the signal is spread over 10-1000 times the original narrow band 

spectrum, and the power spectral density is reduced by the same amount [7]. 

There are three criteria which must be met for a system to be categorized as 

spread spectrum. 

1. The bandwidth of the transmitted signal must the much larger than the band-

width of the original information signal. 

2. The spreading of the information bearing signal spectrum must be done using 

a signal that is independent of the information signal. 
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3. Synchronization of the receiver code with the transmitter code is required for 

despreading. 

Other modulation schemes such as FM and PCM also spread the original infor-

mation signal spectrum, but they are not considered spread spectrum systems. These 

modulation schemes satisfy condition 1, but do not satisfy conditions 2 and 3 [5, 8, 9]. 

B, 

Spread Spectrum 

B„ 

Original Spectrum 

Figure 1.1 Spectra of signal before and after spreading 

1.2.2 Spread Spectrum Basic Principles 

There are two basic ways to implement a spread spectrum system; frequency 

hopping, and direct sequence spreading. Each of these techniques requires spreading 

by using a known code and synchronization between the transmitter and receiver. In 

Direct Sequence spreading, a method to ensure that some signals do not overwhelm 

others is required. 

Frequency hopped spread spectrum involves taking a standard digital modulated 

signal, such as Binary Phase Shift Keying (BPSK), and then transmitting this nar-

rowband signal at different carrier frequencies every Th seconds, thus "spreading" the 

transmitted signal. This means then that the transmission frequency is hopped or 

changed, to a different frequency at a hop rate fh = 1/Th. This hop rate may be 

many hops per symbol which is referred to as fast hopping, or it may be 1 hop per 

many symbols which is referred to as slow hopping. The total frequency spreading 
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is then equal to the number of hop frequencies multiplied by the bandwidth of each 

hop frequency bin. 

The frequency hopped signal is made to look like noise by using a psuedo-random 

number generator to determine the frequency hopping pattern. As long as the receiver 

can synchronize with the transmitter and knows the exact psuedo-random sequence 

then the receiver can predict what the next hopping frequency will be and therefore 

dehop or despread the transmitted spread spectrum signal. Frequency hopped spread-

ing has an advantage over direct sequence spreading in that the frequency hopping 

operation does not require a contiguous frequency band [5, 8, 9, 10]. 

PN code 
Generator 

Digital Frequency 
Synchronization 

Data 

\ \ A 

// f \\A 
Spread Spectrum 

fi 12 

T T
11 12 

Hopping Frequencies 

0 0 

Data 

PN code 
Generator 

Digital Frequency 
Synchronization 

Figure 1.2 Frequency Hopped spread spectrum functional 
diagram 

Direct Sequence spreading is accomplished by multiplying the modulated informa-

tion signal by a binary (±1) psuedo randomly generated noise (PN) sequence. This 

PN code sequence generally has a much smaller bit period Tc, as compared to the 

information signal bit period T, and is generated in such a way that each binary chip 

(bit) has an almost even probability of changing at every T, (i.e. psuedo random 

noise). 
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The PN sequence spreads the spectrum of the information signal by the factor 

T/TC times. The receiver in this system can decode this spread spectrum signal 

by correlating the PN sequence with the spread signal. However, the PN sequence 

must be synchronized to the transmitter PN sequence for this correlation to yield 

any coherent results. The direct sequence spreading method requires the use of a 

contiguous frequency band [5, 8, 9, 10]. 

Modulation 

// /4 1  \\\\\ 

Modulated 
Spread Spectrum 

Demodulation 

10 

PN code 
- — - - 

T, 

T 

Jo 

Spread Spectrum 

0 

0 0 

Data Data 

Figure 1.3 Direct Sequence spread spectrum functional di-
agram 

Regardless of the type of spread spectrum system, synchronization of the PN se-

quence between transmitter and receiver must be achieved and maintained for any 

type of communication. This synchronization requires two steps; acquisition and 

tracking. Acquisition involves bringing the local receivers PN code into rough align-

ment with the received PN code embedded in the received spread spectrum signal. 

Tracking is then used to refine and maintain a lock on the PN code sequence [5, 10]. 



7 

1.2.3 Code Division Multiple Access (CDMA) 

The most popular choice for many commercial applications of spread spectrum ap-

pears to be a direct sequence spread spectrum Code Division Multiple Access system. 

This is especially true for mobile communications. In such systems, the multipath 

channel is often a limiting factor in system performance. However, CDMA techniques 

are effective at dealing with multipath effects. Also, since CDMA signals are created 

with a noise-like signal, and each user has a unique, selectively addressable code, then 

privacy between users is inherent [7]. 

An interim standard known as IS-95 has been established to regulate the format 

and use of CDMA systems in mobile cellular communications. The IS-95 standard 

contains specifications for all of the subsystems involved in a CDMA system, including 

specifications for the base station and the mobile station [11]. 

1.3 Research Objectives 

The IS-95 standard specifies the filter required for baseband filtering in both the 

base station and mobile station. The thrust of this research is to determine alternate 

methods to implement this FIR filter to reduce the complexity. Complexity of a filter 

is defined as the number of multiplies required per output sample, or the number of 

non-zero coefficients times the sampling frequency. 

Two different types of linear phase filters will be investigated to determine their 

suitability. The first is a multirate filter which requires upsampling and downsam-

pling. Several types of multirate filters will be examined to determine their respective 

performance. The type of multirate filters examined will be single stage, multistage, 

and a dyadic cascade filter. The second filter is an Interpolated FIR filter. This is a 

single rate filter which does not require upsampling or downsampling, but is derived 

using multirate concepts. 

The performance of these alternative methods will be theoretically compared to 

the IS-95 FIR filter. They should produce a frequency response that meets or exceeds 

the response given in the IS-95 specifications. 

The objective of this research is to determine alternate methods to reduce the 
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complexity of the linear phase FIR filter used in the IS-95 standard for baseband 

filtering in the mobile and base station transmitter. 

1.4 Thesis Organization 

This thesis is divided into 7 chapters. Chapter 1 is an introduction of the purpose 

of the thesis, and to outline the material that will be discussed in later chapters. 

Chapter 2 offers a detailed discussion on direct sequence spread spectrum. It 

will include sections dealing with the PN code sequence, spreading mechanism, anti-

jamming properties, and anti-interference characteristics. 

Chapter 3 describes FIR filters and multirate theory. Specific sections will deal 

with FIR filter design with uniform approximation, single stage downsampling, and 

single stage upsampling. 

Chapter 4 will be devoted to the theoretical development of the multirate filter, 

and the Interpolated FIR filter. 

Chapter 5 will examine the MATLAB simulations and comparisons to the theo-

retical performance of both filters to the IS-95 specified filter. 

Chapter 6 will discuss DSP and PLD implementation issues. 

Chapter 7 will include a summary and conclusions. 



2. Direct Sequence Spread Spectrum 

CDMA system 

The main interest of this thesis is to optimize one of the components in the IS-

95 specifications. Since the IS-95 standard is for a direct sequence spread spectrum 

(DS-SS) CDMA system, a more detailed discussion of DS-SS CDMA is in order. This 

chapter will cover PN code generation and it's properties, the spreading mechanism, 

spread spectrum properties including anti-jamming, anti-interference, multiple access, 

and multipath protection. It will also include spread spectrum disadvantages, and 

finish with a discussion on the capacity of a CDMA system. 

2.1 Psuedo-Noise (PN) Code Sequences 

The unique properties of spread spectrum stem from the fact that the narrow 

band signal is spread over a wider bandwidth using an almost random noise-like 

sequence. In spread spectrum systems this Psuedo-Noise sequence must have certain 

properties. It must be easily generated and have well behaved autocorrelation and 

cross correlation properties. 

The following subsections will discuss the generation of PN sequences using shift 

registers, and the properties associated with these sequences. 

2.1.1 Generation of PN Sequences 

One of the more popular PN sequences is the maximal length linear feedback shift 

register sequence (ML-LFSR sequence). This PN sequence is created from a relatively 

small number of shift registers and modulo 2 adders (xor function). Figure 2.1 shows 

that by cascading m shift registers and modulo 2 adding the outputs of certain stages, 

a 2' —1 maximal length code sequence can be produced. Each shift register is clocked 

at the same time, and with a square clock with period Tc. The output is a sequence 

that resembles a random data sequence with a bit period of Tc. To distinguish a 

9 
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"bit" in a PN sequence from a data bit, the "bit" in the PN sequence is referred to 

as a "chip". Only a few select feedback connections will produce an ML-LFSR PN 

sequence. One of the more notable features of these sequences is that they are periodic 

with period of 2' — 1 chips and have a triangular shaped impulse autocorrelation 

[5, 6, 8, 9, 10]. 

mod 2 

PN 
Sequence 

m-1 

Clock(Tc) 

Figure 2.1 Structure of PN sequence generator 

It is important to note that in PN sequences the high voltage state of the shift 

register is interpreted as a 1 and the low voltage state is interpreted as a -1. 

Figure 2.2 shows a (2,5) ML-LFSR code generator and the resulting code. This 

generator uses 5 shift registers, and the (2,5) designation means that the output of 

shift register 2 and shift register 5 are used for feedback. The shift registers can be 

initialized with any binary input except all -1's (low voltage state). If the registers 

are initialized with all -1's (low voltage state), the output stays -1 (low voltage state). 

Note that the output of the (2,5) generator repeats after 31 output bits. In other 

words, this sequence has a period of 31 chips. 

2.1.2 Properties of PN Sequences 

The ML-LFSR PN sequence has properties that are similar to other binary se-

quences such as a sequence generated from a fair coin toss. The 5 basic properties 

are[5, 6, 7, 8, 9]: 

1) Balance Property: In each period of a very long sequence, the number of 

differs from the number of -1's by exactly 1. Therefore the sequence length is always 

odd. 

2) Run Property: A run is defined as the consecutive occurrence of a binary 1 or 

-1. In any 2m — 1 chip sequence, there are n = 2(m-1) runs of or -l's. In the (2,5) 
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mod 2 

a) 
1 4 5 

PN Sequence 
A 

Clock (Tc) 

1 1 1 1 1 -1-1 1-1 1 1-1 1-1-1 -111-11 
-1 1 1 1 1 1-1-1 1-1 -1 1-1 1-1 -1-1 1 1-1 
-1-1 1 1 1 -1 1-1-1 1 1-1 1-1 1 -1-1-1 1 1 
1-1-1 1 1 -1-1 1-1-1 1 1-1 1-1 1-1-1-1 1 

b) 1 1-1-1 1 -1-1-1 1-1 1 1 1-1 1 1 1-1-1-1 
-1 1 1-1-1 -1-1-1-1 1 -1111-1 1 1 1-1-1 
1-1 1 1-1 1-1-1-1-1 1-1 1 1 1 1 1 1 1-1  

-1 1-1 1 1  -1 1-1-1-1  1 1-1 1 1  

31 bits long 

Figure 2.2 a) A (2,5) maximal length generator with 5 shift 
registers. b) 31 distinct shift register words with 
the value of register 1 being the most significant 
bit. c) The waveform output of register 5. 
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sequence there are 16 runs. 1/2 of the runs are of length 1, 1/4 are of length 2, 1/8 

are of length 3, 1/16 are of length 4, and 1/16 of length 5. In general there are 2m-2

runs of length 1, 2"-3 runs of length 2, ..., 2m- k of length k, 2° of length m — 1 

and also a run of 2° of length in. The run of length m — 1 is of -1's and the run of 

length m is of l's. Except for lengths of m — 1 and m, there are an even number of 

runs of each length. Half the runs are -1 and the other half are 1. 

3) Correlation Property: The autocorrelation of a sequence P N (n) has a very 

small value except when n = 0, 2N, 3N... where N = 2m — 1. The cross correlation of 

any two different PN sequences will be small regardless of the offset between them. 

4) Shift and Add Property: Any 2' — 1 length sequence can be added to any 

shifted version of itself, and the result is another phase of the same sequence. 

5) Sliding Window Property: A window of length m shifted along a 2" —1 length 

PN sequence, will frame every possible m-tuple once and only once, with the exception 

of the m length zero sequence which will not appear. 

The property that is particularly useful in spread spectrum systems is the corre-

lation property. The discrete autocorrelation A(k) of a PN sequence with period N 

can be given by 

A(k) = iNEE1 anan+k 
n=1 

{1; k = iN 

— 1 • k iN N 

(2.1) 

where i, 1 are integers, N = 2' — 1 is the period of the sequence, and an is the nth 

value in the PN sequence and has a value of ±1. The sequence [an]N is periodic with 

period N. 

A signal suitable for spread spectrum systems can be generated using the PN 

sequence [ar ]N. The time signal is denoted p(t) and can be generated directly from 

the output of the shift registers that generate the sequence [an]N. 
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The continuous time autocorrelation function for this continuous time PN func-

tion is similar to the discrete autocorrelation function of the PN sequence. They are 

identical at integer values of chip times such that Rp(nT,) = A(n). The autocorrela-

tion function of p(t) is illustrated in Figure 2.3 and given by 

RP (T) 
1 I NTe 

NT, o 
p(t)p(t + r)dt 

{1 - V(1+ k); 0 < IT1 5. 77c 
1 

T ic < < 
1)TcsT 

Figure 2.3 Autocorrelation function 

NT, 

(2.2) 

As can be seen from Figure 2.3, Rp(r) is periodic with period NT, seconds. Due 

to this periodicity, the two sided power spectrum of the autocorrelation function will 

be a line spectrum given by 

Sp(i) = 
CO 

E rn6(f — nF,) 
n=—co 

(2.3) 
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{111V; n = 0 
rn = (2.4) 

N+1 ( sin(V ) 2. n  0 
N2 k 7 7-

Sp(f) 

Weight=+-

Te

Weight=( NN-F21) sinir(n717 ) ) 2

0 

1• NTc

Tc

Figure 2.4 Power spectral density of the autocorrelation 
function 

f Hz 

where f is the frequency in Hz, F, = 1/Tc, and rn is the power at the frequency 

nITc. 

2.2 Spreading and Despreading of Signal Spectra 

In Chapter 1, the concept of spreading the signal spectrum was introduced. Here, 

this concept will be discussed in detail. 

In a DS-SS system, a data signal is spread by multiplication with a PN spreading 

time function. The spread signal can be despread to the original data signal by 

multiplication with the same synchronized PN time function. By examining the 

processes in the frequency domain a better understanding may be obtained of how 

multiplication in the time domain can spread or despread a signal spectrum. 

If m(t) is a binary valued data signal that can take on the value of 1 or -1, then the 

time domain spread signal can be given by x(t) = m(t)p(t). The power spectrum of 

a signal is the fourier transform of it's autocorrelation function. The autocorrelation 
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of the spread signal x(t) = m(t)p(t) is given by 

Rx(7) = E[x(t)x(t + 7)] 

= E[m(t)p(t)m(t + 7)p(t + 7)] 

(2.5) 

Since p(t) and m(t) are statistically independent, the expectation on the right can 

be separated into the product of expectations as follows. 

Rx(7) = E[m(t)m(t + 7)].E' .p(t)p(t + 7)] 

= Rm(T)Rp(T)- (2.6) 

Now taking the fourier transform of both sides of (2.6) will give the frequency 

domain relationship between the power spectrum of x(t) and the power spectra of 

m(t) and p(t). Since multiplication in the time domain translates to convolution in 

the frequency domain, (2.6) transforms to 

SS(f) = Sm ( f) * Sp(f) (2.7) 

Where * denotes convolution, Sx(f) is the power spectrum of the spread signal, 

Sp (f) has been defined earlier as the power spectrum of the spreading signal, and 

Sm(f) is the power spectrum of the data signal. 

The power spectrum Sm(f) is given as: 
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Sni(f) = T 
sin(ir fT)) 2

(2.8) 
7rfT

Convolving Sm(f) and Sp (f) results in weighting, shifting and adding the sinc2

functions as illustrated by the equations [5]: 

Sm(f)* Sp(f) 
_= T ( sin(7 fT))2 *  r

ThO (j nFc) 
gr(fT) ) .L' 

F )T 2= E rr,T ( simr(f — n c ) 
n=— oo \ 7r(f — n.Fc)T j 

(2.9) 

If the period of the spreading function is less than 1 data bit, i.e. Tb << 

then the spacing of the spectral lines of p(t) are much further apart than the band-

width of m(t). In this case, the spectrum is a series of sinc2 functions weighted by the 

values of the corresponding discrete spectral lines. However, in commercial systems, 

the period of the spreading signals is chosen to be 1 or more data bit periods, i.e. 

Tb << NT,. The resulting spread spectrum is the sum of a series of overlapping sinc2

functions. The addition of overlapping sinc2 functions create a smooth continuous 

spectrum which approximates the power spectrum of a truly random spreading se-

quence. In essence the random data converts the psuedo random periodic sequence 

into a random sequence. The spectrum of the spread signals is approximated by 

Sm(f) * Sp(f) (
sin(7 fT,)) 2 

fT, ) 
(2.10) 
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The spreading process which produces (2.10) is shown in Figure 2.5. 

Time Domain Frequency Domain PSD 

Tb 

Data m(t) 

T 

PN code p(t) 

Spread Spectrum signal 

— lb fb 

—fc fc 

Figure 2.5 Spread Spectrum modulation process 

The recovery or despreading of the received signal requires that the received sig-

nal be multiplied by a synchronized and exact replica of the spreading function. The 

product is then integrated over the data bit period T. The integral can be approxi-

mated using a low pass filter with bandwidth of +Hz. The most important step of 

despreading is the multiplication of the received signal, m(t)p(t), with the synchro-

nized PN function p(t). The result of this multiplication can be shown as 

m(t)p(t)p(t) = m(t)p(t)2

= m(t)(±1)2

= m(t). 

Both m(t) and p(t) are ±1 binary valued signals. 



18 

2.3 Advantages/Disadvantages of Spread Spectrum 

DS-SS CDMA systems offer several advantages over other modulation techniques. 

Spread spectrum systems offer immunity from jamming and interference, multipath 

protection, and multiple access capabilities. Some of these features are not available 

on conventional FDMA/TDMA systems. Spreading of data signals is done is such 

a way that spread spectrum signals are transparent to other existing users. The 

properties of the PN spreading sequences also allows multiple users to access the 

same channels without interference. It is these features that make DS-SS systems 

desirable for use in the current congested cellular frequency spectrum. 

2.3.1 Anti Jamming Property 

The Anti-Jamming property is an inherent part of spread spectrum systems. The 

act of spreading and despreading a signal creates the anti-jam effect. For example, 

assume that a conventional narrow band signal of power J and bandwidth Wi is used 

to jam a particular frequency band. The despreader in the receiver will despread 

the spread spectrum signal, but will spread the jamming signal. The despreader 

will spread all signals except those that have been synchronously spread with the 

same PN function used in the despreader. The spread jamming signal now has a 

bandwidth of W3  and a spectral density of J/(W„), where W„ is the bandwidth 

of p(t) and is approximately T . This received spectrum is then passed through a 

matched filter which only has a bandwidth of +, which further reduces the amount of 

jamming power to JI(TW„) = JI(Gp), where Gp is the processing gain of the spread 

spectrum system. If the bandwidth of the jamming signal is small compared to the 

spread spectrum signal, then the effective power in the jammer is given by JIGp. 

As the processing gain G, increases, the amount of jamming power that reaches the 

baseband is reduced [5]. 

2.3.2 Multiple Access capability 

There are three existing multiple access techniques used in cellular telephone sys-

tems. They are FDMA, TDMA, and CDMA. The FDMA system is an older technol-

ogy which was installed first. In large cities, operating companies are either switching 
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Jamming signal 
" \„ Spread Spectrum Signal 

1/

a) Received Spread Spectrum Signal with a Jamming signal 

Spread Jamming signal 

N, 

b) Despreading effects on Spread Spectrum Signal and Jamming signal 

Figure 2.6 Effect of a jamming signal 

f 

f 

to TDMA or CDMA. Some companies such as AGT are installing TDMA while others 

like PACTEL are installing CDMA. 

FDMA or Frequency Division Multiple Access involves assigning to each user a 

unique frequency band. Each active user shares the base station at the same time, but 

each active user transmits at a different frequency. However once all the frequency 

bands have been exhausted, no more users can become active. These users are given 

a fast busy signal. TDMA or Time Division Mulitiple Access is similar to FDMA, 

however in this technique each frequency band is separated into time slots so that 

an active user transmits in bursts at an assigned frequency and in an assigned time 

slot. TDMA is commonly used for ground based and satellite digital communication 

systems. However, similar to FDMA and its frequency slots, TDMA also reaches 

maximum capacity when all its time slots are full. The third multiple access technique 

known as CDMA or Code Division Multiple Access is based on spread spectrum. In 

a CDMA system each active user transmits on the same frequency band as other 

active users, but each user is assigned a particular PN sequence that enables each to 

decode and recover messages. As shown in Figure 2.7, crosstalk will occur between 

two signals transmitted on the same frequency band. 

If we assume worst case scenario of inphase carrier, and bit synchronism in the 
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Figure 2.7 Crosstalk between two users 
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second user, then the error caused by crosstalk in the first signal is: 

T 
Error = L Pl (t)P2(t)m(t)dt 

= f f pi (t)p2(t)dt (2.11) 

It is possible that the above integration will be zero if the PN sequences pi (t) and 

p2(t) are completely orthogonal. 

If the second user is not in bit synchronism, but is shifted by AT then the error 

is given by: 

AT 
Error = (t)p2(t - AT)dt f I  pi (t)p2(t — AT)dt (2.12) 

AT 

Since the two PN sequences have very low correlation from 0 to AT and from AT to 

T then the respective integrals will be nearly zero. Overall, the second signal has an 

insignificant effect on the system performance. 

The difference between the multiple access property of CDMA versus TDMA and 

FDMA is that CDMA has no hard limit on the number of users transmitting in any 

particular frequency band. As the number of CDMA users increase, the signal to 

noise ratio will decrease due to the slight crosstalk between each user. The CDMA 

system can handle great amounts of system overload as long as the user is willing to 

tolerate poorer performance. Ultimately it is the users who will decide on CDMA 

capacity based on an acceptable signal to noise ratio. 

Another difference and advantage of CDMA is that privacy is inherent in the PN 

sequences used for creating spread spectrum signals. It is extremely difficult for coded 

messages to be decoded by someone who does not have the appropriate PN sequence. 
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The application of a wrong PN sequence just further spreads the received signal, 

resulting in a another noise like signal that can be filtered by the spread spectrum 

system. 

There are two disadvantages with using spread spectrum systems. One of them 

is the problem of self jamming, and the other related problem is the near-far effect. 

In an asynchronous CDMA system, the PN sequences used for spreading and de-

spreading are not completely orthogonal. This means that when the despreading of a 

users signal is performed, crosstalk will occur. In the regular TDMA, and FDMA sys-

tems, crosstalk can be eliminated because each user occupies a separate time and/or 

frequency slot. 

The near-far problem occurs when one user is closer to the base station than 

another user. If both users transmit using the same power, then the closer user will 

cause a larger received power, and cause a large crosstalk. This crosstalk may be 

large enough to mask the weaker signal received from the farther user. The near-far 

problem requires a power control system in each mobile phone so that signals are 

received at the base station with equal power. 

2.4 Capacity of a CDMA System 

As mentioned earlier, one of the more important aspects of spread spectrum sys-

tems is the extra capacity offered to simultaneous users. By using power control, the 

number of users that may have simultaneous access is [5]: 

Nu = 1 -F{2TBeff 
(SNR0 SN1

(2.13) 

where Nu is the number of users, T is the data bit rate, SNR0 is the desired output 

SNR, and SNR1 is the output SNR with only one user. 

Eb 
SNRi = 

Na 
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where Eb is the energy per bit, No is the two sided spectral density of white noise. 

Bef f is the effective bandwidth: 

pep ( f + oocc S(ndf)2 

f-tocc° S 2 (f)df 

where S(f) is the power spectral density of the spread spectrum signal. 

Equation (2.13) shows that the number of users is affected by the effective band-

width, which depends on the spectral shape of the spreading signal. This means that 

the capacity for number of users can be optimized by carefully selecting proper PN 

sequences. 



3. Multirate Filters 

The focus of this thesis is the optimization of the transmitter baseband filter in 

the IS-95 specification. The filter is optimized using two algorithms which depend 

on multirate concepts. To understand the optimization methods, a more detailed 

discussion of multirate techniques and FIR filters is required. This chapter will cover 

multirate concepts and include a basic review of FIR filter design. 

3.1 Finite Impulse Response Filters 

An important part of designing multirate filters is the use of FIR filters. The 

specific design methods for multirate filters is often determined by the characteristics 

of the FIR filters. The following subsections will discuss and explore some important 

structures and characteristics of FIR filters. 

The transfer properties of a filter in the time domain are given by the convolution 

00 

y(n) = h(n)*u(n) = E h(k)u(n — k) (3.1) 

where h(n) is the impulse response of the filter, and u(n) is the input signal. 

The impulse response h(n) 

N-1 

h(n) = E hiS(n — 1) (3.2) 

is defined by the coefficients hi, i = 0,1, 2, ..., N — 1. The unit impulse function is the 

Kronecker Delta function defined as 

24 
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8(n) = 
1 if n = 0, 

0 otherwise. 

a) 
i 8 (n) 

b) h(n)
 

1 7 7 1 t • • • • • • • >.  • . > 
0 1 2 3 4 5 6 n 0 1 2 3 4 5 6 7 n 

Figure 3.1 a) Unit impulse function, b) an example of a 
causal FIR impulse response. 

(3.3) 

3.1.1 Linear Phase of FIR Filters 

The most important feature of FIR filters is that they can be designed to have a 

linear phase response. A causal FIR filter of length N has a frequency response 

N-1 
H(W) = E bke-j" 

k=0 

where the filter coefficients bk are the values of the impulse response, 

(3.4) 

h (n) { bn
= 

, 0 <n<N— 1 
(3.5) 

0, otherwise. 

The phase response is determined by the symmetry and length of the impulse 

response. There are 2 symmetry conditions and 2 length conditions [13]. Let us first 



26 

a) 

• 

• 
b) 

• • > 
0 1 2 3 4 5 6 7 n 0 1 2 3 4 5 6 7 n 

Figure 3.2 Symmetric Impulse response with a) Odd num-
ber N=7, b) Even number N=6 coefficients. 

examine the symmetric h(n) = h(N — 1 — n), and odd length (N=5) filter. This means 

that the coefficients h(0) = h(4), h(1) = h(3), and h(2) has no matching coefficient. 

This filter is symmetric around h(2). 

The frequency response of the filter is 

H(w) h(0) + + h(2)e- -12' + h(3)e- j3w + h(4)e- -14' 

= h(0) + h(l)e-  h(2) j2w h(1) e-  + h(0)e- j4w 

= C -121h(2) + h(0)ei2w + h(0)e- ' 2w + h(1)e3 + h(1)e-31 

= e-32' [h(2) + 2h(0) cos(2w) + 2h(1) cos(w)] 

= 32 H (w) (3.6) 

The component in the square brackets is always real and is denoted Hr(w). The 

magnitude and phase response for the filter is then 

IHMI = AG,* 

{ -2w, if Hr(w) > 0 

—2w + 7, if Hr(w) < 0 
(I.(w) = 

(3.7) 

(3.8) 
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Using the same methodology, the magnitude and phase response for an even length 

(N=4) symmetric filter can be derived such that 

H(w) e-3342[2h(0) cos(3w/2) + 2h(1) cos(w/2)] 

= li re —i3w/2

1-11(w)1 111r(w)1 

2 
4 )  (al) 

— 2C4)±71-7

if Hr(w) > 0 

if Hr(w) < 0 

(3.9) 

(3.10) 

(3.11) 

In general the frequency response of symmetric filters (odd or even length) is given 

by [13] 

where 

H(w) = H r (w) e —iw(N-1)/2 (3.12) 

_ (N-3)/2 

H r (w)H r (w) = h ( N 2 1) +2 > h(n) cos(w ( N 2 
— 

1 n)) , N odd (3.13) 
n=0 

(A72)-1 — 
H r (w) = 2 E h(n) cos (w ( N 1 2 n)), N even (3.14) 

n=0 

The phase response for both N odd and N even length symmetric filters is [13] 

(w) = 
_w(-sr i), if Hr(w) > 0 

(4) ( N2 1) + 7r, if Hr(w) < 0 
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The other two cases are the odd and even length anti-symmetric FIR filter where 

the filter coefficients h(n) = — h(N — 1 — n). 

a) 

• 
1 

or 3 4 5 6 7 
• 

2 

b)

• 
3 4 5 6 7 

0 1 2 
• • 

n 

Figure 3.3 Anti-Symmetric impulse response with a) Odd 
number N=7, b) Even number N=6 coefficients. 

Similar to above, the frequency response for an N even and N odd, anti-symmetric 

FIR filter can be expressed as [13] 

where 

H (w) = H r (o) e j[—co(N-1)/2-Fir/2] 

(N-3)/2 — 
HI- (0) = 2 > h(n) sin(w(N  n)), N odd 

n=0 2 
1 

(N/2)-1 — 
Hr(w) = 2 E h(n) sin(w(N 2 1 n)), N even 

n=0 

(3.15) 

(3.16) 

(3.17) 

And the phase response for both N odd and N even length anti-symmetric filters 

is [13] 

{ 1 - w ( N 2- 1) ,  if H r ( w ) > 0

327 w(N2  
),

1\
 if 1-1,(w) < 0 

It can be seen from the phase responses that both the even and odd length sym-
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metric FIR filters have linear phase. However, the anti-symmetric FIR filter does not 

have linear phase because of the extra 7r/2 phase shift. But if two anti-symmetric 

filters were used in series then the resultant filter would have linear phase since the 

7/2 phase constant becomes 7r/2 + 7r/2 = 7r, which is equivalent to a multiply by -1. 

The choice of whether to use a symmetric or anti-symmetric impulse response 

depends on the application. For an anti-symmetric filter where N is odd, (3.16) 

implies that Hr(0) = 0 and Hr (7r) = 0, which means that the odd anti-symmetric 

case is not suitable for a lowpass or highpass filter. Similarly, the even anti-symmetric 

case is not suitable for a lowpass filter since (3.17) implies that Hr(0) = 0. However, 

the odd and even length symmetric impulse response has a magnitude response given 

by (3.13) and (3.14), respectively, and both yield a non-zero result when w = 0. 

Consequently, anti-symmetric filters will not be used in the design of lowpass linear 

phase FIR filters, and only symmetric filters will be used for the design of lowpass 

linear phase FIR filters. 

3.1.2 Complementary Filters 

Taking the complement of the transfer function of an FIR filter is an easy and 

very useful operation. By examining the Z-domain complementing filter structure 

of the special case when the impulse response is non causal and symmetric around 

n = 0, the complementing transfer function Hc(z) may be expressed in terms of the 

original transfer function H(z). 

U(z) 

H(z) 

+ Y ) 

Figure 3.4 Zero phase complementary filter structure 

Y (z) = U(z) — H(z) • U(z) 

= [1 — H (z)]U (z) 
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= 1-1H(z)U(z) (3.18) 

It can be seen that the complementary transfer function is given by 

11,(z) = 1 — H (z). (3.19) 

In the time domain the complementary transfer function becomes 

hc(n) = 6(n) — h(n). (3.20) 

The equation above shows that when taking the complement of a transfer function, 

the impulse response is negated and a 1 is added at n = 0. This is assuming that the 

impulse response is noncausal, symmetric around n = 0, and odd in length. 

In a real application, a linear phase FIR filters must be causal and symmetric. 

The complement of a causal and symmetric filter is found by shifting all signals by 

half of the length of the impulse response 

hc(n 
N 

2 
— 

1) = o(n 
N 

2 
— 

1) h(n N 2 )
 1,

• (3.21) 

The symmetry around the midpoint is preserved and the filter retains its linear phase 

property. 

If h(n) and hc(n) are used to represent the causal impulse responses, then the 
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• 
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Figure 3.5 Causal impulse response and frequency response 
of a) the prototype filter, and b) the complemen-
tary filter 

7r 

7r 
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complementary filter impulse response can be expressed as 

—
hc(n) = 5(n 

N 
2 1) h(n)

Hc(z) = z-(N -1) — H(z) 

(3.22) 

(3.23) 

By making the substitution z = ejw,the complementary frequency response 1-1,(01 

is obtained [12] and is given by 

1-1,(ej
= e-jw(N -1)/2 — il-(0 (3.24) 

It can be seen from Figure 3.5 that the magnitude response of H(e- jw) and 11,(e- jw) 

are complements of each other, that is to say 

1114 311 + = 1 (3.25) 

The Z-domain transfer function shows that the complement of a filter can be 

obtained by delaying the input signal by Ar; 1 samples and then subtracting the output 

of the original filter [12]. 

U(z) 

z -(N-1)/2 

H (z) 

Y4z)

Figure 3.6 Causal complementary filter 
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3.1.3 Half Band Filters 

Half band linear phase FIR filters are often used in decimation (downsampling) 

and interpolation (upsampling). Half band filters are a special case of an FIR filter. 

To be considered a half band filter, the frequency response must be anti-symmetric 

around 7r/2, where 7r is the nyquist frequency L/2, and the ripple in the passband 

and stopband must be equal, 6. = Ss. 

a) Impulse response b) Frequency response 

1 

0 

j
8

•  • •  , • 
• 1 3 4 5 6 7 9 10 n 0 7r 

Figure 3.7 Half band filter a) impulse response, b)frequency 
response, with N=11 coefficients 

27r 

If these conditions are met, then there are only N" 3 non-zero coefficients in the 

impulse response. This means 1\r-3 multiplications are needed in the convolutional 

sum [12]. This fact can be exploited by decimation and interpolation techniques to 

realize more efficient filters. 

3.2 FIR Filter Design 

There are several approaches to designing FIR filters. This section will discuss 

two of them. The first introduces the concept of filter errors in approximating filter 

responses with the Least Squares Error method. The second method shows a more 

practical approach by designing filters using a uniform approximation. 

3.2.1 Least Squared Error Method 

The goal of FIR filter design is to design a frequency selective filter. The idea is 

to lose as little of the signal power as possible in the passband while at the same time 

trying to transmit as little power as possible in the stopband. A way to insure that 
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these requirements are met is to minimize the square of the deviation of the actual 

frequency response from the desired response. This is known as the least squared 

error criterion. 

First consider a FIR filter with a causal impulse response a(n) with length N = 

M +1 and a(n) = 0 for n < 0 and n > M, and a desired frequency response given by 

CO 

Ad (01 =- E ad(n)e- iwn
n=—oo 

with an impulse response, ad(n), of infinite length 

1 lr
ad(n) = — f Ad(eilei"dw. 

27r -on-

(3.26) 

(3.27) 

If an FIR filter is designed with a response given by A(eiw) a(n), then the differ-

ence between this response and the desired response is 

A(e3w) — Ad(e a(n) — ad(n). (3.28) 

The energy of the difference signal may be defined as a quadratic error e and may be 

expressed in the frequency and time domains as 

e = if 7: A(e3w) — Ad(eiw)I2dw 

= la(n) — ad(n)12 (3.29) 
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ad(n) 

— 00 

—00 

0 

a(n) 

0 

0 0 0 
0

0 0 0 
00 

00 

Figure 3.8 Desired impulse response ad(n) and the real FIR 
impulse response a(n). 

For a causal FIR filter with N 1 number of coefficients, the error e is given by 

N-1 00 —1 

e = E la(n) — ad(n)I2 + E ad(n) + : ad(n) 
n=0 n=(N) n=—Do 

N-1 00 

E la(n) — ad(n)12 + E 2a2d(n). 
n=0 n=(N) 

(3.30) 

If we assume that N is fixed, then the right-most summation term is purely a function 

of the desired response and can not be reduced. The error e is therefore minimized 

by minimizing the first sum on the right hand side of the equation. Since the choice 

of a(n) = ad(n) for n = 0, 1, ..M forces the first sum to zero, the minimum possible 

error is given by 

emirs 

00 
E 2a2d(n) 

n=(N) 

(3.31) 



36 

According to (3.31), the least squared error FIR impulse response is just the center 

N coefficients of the desired impulse response, with the others set to zero [12] such that 

a(n) = {ad(n); n= 0,1, ...,M 

0 otherwise. 
(3.32) 

The design of FIR filters using the least squared error method involves two steps. 

The first is to define a desired frequency response and the second is to calculate the 

coefficients, ad(n), of the desired impulse response. Usually these calculations are 

done numerically, but there are also some closed form expressions for the impulse 

response. An example is the frequency response of the ideal low pass filter given by 

Ad(ejw) rect 
(2w 

w
) 

{1 for Ico < Iwc1 

0 forty, < 1(.01 < 71. 

The impulse response associated with this frequency response is given by 

ad(n) = 
1 wef e on dw

27r 
we sin (nwe) 

71 721.0c

wc— • sinc(nwc) 
7r 

where wc, the cutoff frequency normalized to the sampling rate fo, is given by 

(3.33) 

(3.34) 
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S2 = 
27f, 

c io 
(3.35) 

The resultant finite impulse response, a(n), is defined for —(N — 1)12 < n < 

(N — 1)/2, and the causal impulse response is given by 

h(n) = a(n 
N 

2 1),n = 0, 1, 2, ..., M — 1 (3.36) 

Although this method is fairly easy to implement, the frequency response of the 

FIR filters designed this way will have overshoot near the vertical transition between 

the passband and the stopband. This overshoot is known as the Gibbs effect. A 

way to reduce the peak of the ripple is to introduce a finite slope transition from the 

passband to stopband. This transition band is referred to as the filter slope and is 

also defined as the relative transition bandwidth b given by 

b 
— 

ws - WP . 
27 

(3.37) 

3.2.2 Uniform Approximation Method 

This design method minimizes the maximum deviation from the desired ampli-

tude frequency response in the passband and the stopband. The solution to this 

minimization is given by a uniform approximation. A set of maximum tolerance 

bands is defined in the passband and the stopband. They are also referred to as 

minimum and maximum passband ripple and stopband ripple. The approximation 
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amplitude follows a wavy curve with the maxima and minima touching the edges of 

these bands. This method is chosen for multirate filter design because the uniform 

approximation produces filters with desired transition bandwidths, and constant am-

plitude ripple in the passband and stopband. These features facilitate the design of 

a system of filters in cascade such that the end to end responses in the passband, 

transition band, and stopband are predictable. 

1 

0 

0 W g ws 7r 

Figure 3.9 Best possible uniform approximation of a low 
pass filter with cutoff frequencies Qp, Q by an 
FIR filter with N=--17 coefficients 

For FIR filters, there is no closed form expression for the approximation problem, 

but it is known that for a given number of coefficients, N, there exists one best possi-

ble solution. This is best described by the alternation theorem which is summarized 

below [12]. 

A necessary and sufficient condition that an amplitude frequency re-

sponse A„ai(eil uniformly approximates a desired frequency response 

Aideal in the best possible manner is given by the following: The er-

ror function 
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E(eil = Areca(dw) — Aideal(eil (3.38) 

in the case of an odd number of N coefficients, must possess at least (N + 

3)/2 extrema with equal modulus and alternating sign in the passband 

and stopband. In the case of an even number N, at least (N + 2)/2 

extrema must exist. The extrema at the ends of the tolerance bands, i.e. 

at w = wp and w = w, and possibly at w = 0 and w = 71 are also included. 

The alternation theorem is valid for any desired frequency response with arbi-

trarily defined ranges. The optimal approximation is implemented using the Parks-

McClellan design method which uses the Remez-Exchange algorithm. The details of 

this algorithm will not be discussed. 

There are several design parameters which must be considered. The most im-

portant are the number of coefficients, N, the relative transition bandwidth, b, the 

tolerance limits in the passband, Sr, and in the stopband, 6,, and the weighting fac-

tors Wp and W,. öp and 8 are also referred to as passband and stopband ripple. 

The parameter b is normalized to the sampling rate, and parameters 6, and 6, are 

specified in the linear magnitude scale. These parameters are used to estimate the 

number of coefficients N that are required. Bellanger [12] derived an empirical estima-

tion for N, which is referred to as Bellanger's Approximation Equation and is given by 

2 1   1 
N = —

3 
• log10(1060.5) 

b
. (3.39) 

The parameters s, 6,, wp, and w, must be known estimate N. The Parks—McClellan 

design method uses five parameters: the number of coefficients N, the cutoff frequen-

cies wp and w5, and the weighting factors Wp and W,. Actually the algorithm only 
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requires four parameters N, wp, ws, and the ratio Ws/WP. It is not possible to prede-

fine the ripple in the resultant filter because ripple is indirectly defined by the filter 

length N using an approximative algorithm. However, different tolerance or ripple 

widths in the passband and stopband can be indirectly defined by choosing appro-

priate values for Wp and Ws. Several design trials may be needed to find suitable 

weighting factors. 

a)Wp =1,Ws =10 b) Wp = 10, Ws = 1 

1 

0 

0 7r/2 it 0 7r/2 Ir 

Figure 3.10 Effects of different W p and Ws on the ripple in 
the passband and the stopband 

3.3 Sampling Rate Conversion 

The idea behind multirate systems is the use of downsampling and upsampling to 

decrease or increase the sampling rate of a signal. These signals which have different 

sampling rates can then be processed in various parts of the multirate system. To 

further understand this phenomena, it is necessary to understand how the sampling 

rates are changed, and how this affects the signal spectrum. 

3.3.1 Representation of Discrete Signals 

Discrete signals are a result of sampling. Sampling is the term that is used when a 

continuous time signal is converted to discrete a time signal. Discrete-time sampling is 

the term used to sample a discrete time signal. An example of discrete-time sampling 
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is given in Figure 3.11. The discrete signal x(n) in Figure 3.11a is sampled by forcing 

three out of every four samples to zero and keeping every fourth sample in the sequence 

to produce the sequence shown in Figure 3.11c. Notice that the sampled signal has 

not been changed. 

a) x(n) 

3 " • 
0 1 2 46 6 

b) 1 w4 (n) 

• • • • • • 
0 1 2 3 4 5 6 

c) x(n)w4(n) 

4 
• • • • • 

0 1 2 3 i 56 6 

ri 
• 

• 

• 11• • 

Figure 3.11 Sampling a discrete signal 

n 

n 

n 

Discrete sampling can be described mathematically using the discrete sampling 

function given by 

wm(n) = 

where WM is given by 

1  Al-1 
M E 14717 v-0 

{1 for n = mM, m integer 

0 otherwise. 

WM = e-j2r/M 

= 

(3.40) 

(3.41) 

(3.42) 
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and M denotes the sampling factor. A sampling factor of M produces a sequence 

where only 1 sample in M is non-zero. In Figure 3.11, the sampling factor is M = 4. 

If n = mM for any integer m, then the term wg equals 1, and the summation 

in (3.40) yields M, resulting in Wm(n) = 1. For all other values of n, the Wr terms 

are evenly distributed around the unit circle and sum to 0, hence for these values of 

n, Wm(n) = 0. This sampling function is shown in Figure 3.11b. 

Normally the sampling function is phased to produce a non-zero sample at n = 0 

(no phase offset), but can be phased to hit a sample at n = 1 or n = 2 or in general 

n = A. To hit a sample at n = A, then wm(n — A) must be used to do the sampling. 

The function wm(n — A) is given by 

wm(n — A) 
M-1 

. _ 1 „.„„(n_,,)
VI' 

M  V=0 

{ 1 for n = A + mM, m integer 

0 otherwise. 
(3.43) 

This function will have a value of 1 if n = A + mM, and 0 otherwise. For example, if 

A = 1 then the previous discrete signal will be sampled at n = 1, 5, 9, ..., A + mM. 

3.3.2 Polyphase Representation 

A discrete time signal may be decomposed into a set of downsampled signals, each 

with a different phase offset. In this thesis the symbol M will be used to denote the 

downsampling factor. Therefore the number of phases required to describe the signal 

is equal to M. For example if M = 4 then a signal x(n) can be represented as 

x(n) = xt(n) + xT(n) + x3(n) + x3(n) 

= x(n)w4(n) + x (n)w 4(n — 1) + x(n)w4(n — 2) + x(n)w4 (n — 3) 
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where the superscript p is not an exponent, but a symbol to emphasize that xo(n), xi (n), x2(n) 

and x3(n) are polyphase components. 

a) x (n) 

1 T 3 4 5 • 
() 1 2 1 

i 

b)  xg(n) 

4 
• I • • • • 

0 1 2 3 I 

O 

5 

• 

: xi

 •
5 

• • • 
1 2 3 4 

• 

34(n) 

• • • • 
0 1 2 3 4 5 

e) xg(n) 

3 
• • • , • • 

0 1 2 4 5 

• 
7 . 

6 

l[ 

n 

T • 
6 

• • • • • > 
n

• 
6 

• • • • • • > 
n 

6 
• • • • • • 

n 

• • • • • • > 

6 

Figure 3.12 Polyphase representation of a discrete signal 

In general 

M-1 
x(n) = > xi;,(n) 

A=0 
M-1 

= E x(n)wm(n - A). 
A=0 

(3.44) 
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This is the time domain polyphase representation of the signal x(n). The signals 

4(n), A = 1, 2, 3, ..., M, are the polyphase components of x(n). 

In the z-domain, the signal X(z) can also be subdivided into different phases. The 

z-transform of x(n) 

00 

X (z) = > x (n)z- n (3.45) 
-00 

For the case when M = 4, the signal X (z) can be written as 

X(z) = • • • + x(-8)z8 + x(-4)z4 + x(0)z-° + x(4)z-4 + x(8)z-8 + • • - 

+ • • • + x(-7)z7 + x(-3)z3 + x(1)z-1 + x(5)z-5 + x(9)z-9 + • • • 

+ • • • + x(-6)z6 + x(-2)z2 + x(2)z-2 + x(6)z-6 + x(10)z-1° + • • • 

+ • • • + x(-5)z5 + x(-1)z1 + x(3)z-3 + x(7)z-7 + x(11)z-11 + • • • 

By factoring out z-A, A = 0, • • • , 3 

X(z) z-0 [• • • + x (-8)z8 + x(-4)z4 + x(0)z° + x(4)z-4 + x(8)z-8 + • • -1 

• z- l• • • + x(-7)z8 + x(-3)z4 + x(1)z° + x(5)z-4 + x(9)z-8 + • • •1 

• -2[• • • + x(-6)z8 + x(-2)z4 + x(2)z° + x(6)z-4 + x(10)z-8 + • • •j 

• z-3[• • • + x(-5)z8 + x(-1)z4 + x(3)z° + x(7)z-4 + x(11)z-8 + • • .1 

In general with n = mM + A, the z-transform polyphase representation of x(n) is 

given by 
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where 

M-1 00 
X (z) = E E x(mM + z — (mM+A) 

A=0 m=-0o 

M-1 

E z-AxP(ZM) A 
A=0 

CO 

(3.46) 

xi,;(zm) = E x(rnm+A)z-mm. (3.47) 
912= 00 

By comparing the polyphase time domain and polyphase z-domain representations of 

x(n) as given by (3.44) and (3.46) respectively, it can be seen that there is a one to one 

mapping between the polyphase components in the time domain with the polyphase 

components with the same phase offset in the z-domain. Since the z-transform is 

linear, then the z-transform of a polyphase component is given by 

z-AVAzm) 4(n), = 0,1, 2, ..., M — 1 

where "++" indicates a correspondence between transfer domain signals. 

(3.48) 

3.3.3 Reducing the Sampling Rate 

The reduction of the sampling rate can be useful if the sampling rate is more than 

twice as large as the bandwidth of the signal. The process of reducing the sampling 

rate is called sample rate decimation, or just decimation. The decimation operation 

consists of two functional blocks: an anti-aliasing filter, and a downsampler [12]. The 

anti-aliasing filter will be discussed in a later section. 

Downsampling occurs when the sampling rate of a signal x(n) is reduced by taking 
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every Mth value. The resulting downsampled signal is 

y(m) = x(mM), (3.49)

where y(m) is a downsampled version of x(n).

a) 

c) 

• 

x (n) 

3 4 5 Er 
46 6 

• • • • i • • • 

• 

0 1 2 3 

1 

5 6 
• • • • 

0 
4T 

2 3 
• 

n 

m 

Figure 3.13 Steps in a downsampling process with M=4 

Downsampling can be viewed as a two step process. The first step is to sample 

x(n) with a sampling factor of M. This produces the polyphase sequence with A = 0, 

i.e. xg(n). Then the samples that were forced to zero in the sampling process to 

produce XI:1)(n) are discarded to produce y(m). 

In taking the z-transform of y(m), it must be realized that samples are spaced M 

times further apart. Therefore delaying y(m) by one sample corresponds to the same 

delay as delaying xg(n) by M samples. Since z-1 is used to mean 1 unit of delay for 

xg(n) , then a new variable must be used for a delay of y(m). This variable will be 
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denoted z'-1, where z = zM. The z-transform of y(m) is then given by 

00 

Y(z') = > y(m)zi(--) 
7 - 0 0 

00 

= E xt(mm),z/(---) 
77 = - 0 

= E xg(mm)z—mm 
m=—oo 

Y(z') = xg(z). (3.50) 

It is clear from equation ( 3.50) that g(z) is a function of zM and is often written 

as XI;(zm). 

3.3.4 Aliasing and Anti-Aliasing Filter 

The downsampling function can be thought of as a change in sampling frequency. 

For example, downsampling by a factor M = 4 is just taking every 4th sample of a 

discrete signal. This is equivalent to sampling the original continuous signal by 

However if the reduced sampling rate is less than twice the highest frequency in the 

signal, then aliasing will occur. Aliasing of frequency components has adverse affects 

on the signal spectrum. Since aliased components cannot be separated from the signal 

after sampling, then it is desirable to filter the incoming signal with an anti-aliasing 

filter before downsampling. 

Figure 3.14 a) shows the discrete signal spectra before the anti-aliasing filter and 

the downsampler. If the signal is downsampled by 4 then any frequency components 

above 741- will be aliased since the new sampling frequency will be 2
4. Figure 3.14 b) 

shows the anti-aliasing filter which limits the signal spectra to within 1. Figure 3.14 

c) shows the effect of the filter on the original spectra as well as the effect on the 

downsampled spectra. By using the anti-aliasing filter, aliasing no longer occurs after 

downsampling. 
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I I I I I 
0 7r/M 

2ir/M 47r/M 67r/M 

27r 

27r 

7r 27r 

0 7r 27r 

2Mir Q' 

2M7r 

Figure 3.14 a) Original spectrum and anti-aliasing filter 
shown in dotted line. b) Aliasing effects as a re-
sult of downsampling without anti-aliasing filter. 
c) Result of downsampling with the anti-aliasing 
filter. 
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3.3.5 Increasing the Sampling Rate 

The process of increasing the sampling rate is called interpolation, and consists of 

an upsampler and an anti-imaging filter [12]. The sampling rate of a discrete signal 

is increased by a factor L when L — 1 zeros are placed between each existing discrete 

sample. The resultant output signal, u(n), is: 

a) 

• 

b) 

• 

u(n) = {y(n/L) for n = mL, m integer 

0 otherwise. 

1 

0 

u(n) 

• • • 
0 1 2 3 

4 
• • • 

5 6 

2 3 

• • • 

• 

• 

m 

n 

Figure 3.15 Upsample process by a factor of L=4. a) Origi-
nal signal, b) the upsampled signal 

Figure 3.15 shows a signal, y(m), and the signal obtained after upsampling. Com-

paring these signals to the signals obtained from downsampling, shows that the steps 

in the upsampler are just the reverse of the steps in the downsampler. Furthermore, 

if the z-transform of the signal before upsampling is given by 

DC
37-(Y) = E y(Tr)zq-m) (3.51) 

and the z-transform of the upsampled signal is given by 
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00 

then 

—n U(z) = E u(n)z 
n=—oo 

oo 

U(z) = E y(711)Z 
 —Lm (3.52) 

(3.53) 

U(z) = Y(zL). (3.54) 

3.3.6 Upsampled Signal Spectrum 

By setting z = eiw in (3.54), and z' = zL = ei'd , the relationship between the 

original Fourier spectra and the upsampled Fourier spectra is given by 

U(ejw) = Y (eil") = Y(e 

The original spectrum has a sampling rate of w' = 27r and the upsampled spectrum 

has a sampling rate of w = 27. If we calculate the frequency axis in actual Hertz, it 

can be seen that the two spectra are the same. This means that the spectral content of 

the upsampled signal is the same as in the original signal in terms of actual frequency 

Hertz. Figure 3.16 shows the case for L=4 in terms of sampling rates w' and w. 

The spectrum, in terms of real frequency, has not been changed by the upsampling 

operation since the additions of zeros does not change the signal energy, or the spectral 

distribution [12]. The only effect it does have is to change the scale of the frequency 

axis in terms of the new sampling rate S2 = 27r. 
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a) 

0 

0 

27r 

0 

27/L 

I I 
27 

47/L 

67 

67/L 

47r 67r 

27r 

87r 

Figure 3.16 Spectrum of a) the original signal, b) the up-
sampled signal with L-1 images between 0 and 
27 

3.3.7 Anti-Imaging Filter 

After the upsampling and interpolation operation, the interval from —7/L < C2 < 

7r/L has the same spectra as the original spectrum interval from -7r < C21 < 7r. In 

the original signal and the upsampled signal, these spectra occur every 27r, but in the 

upsampled signal, there are also L — 1 of these spectra occurring between C2 = 0 and 

C2 = 27r at every 27/L interval. These L — 1 spectra are called images and the effect 

is known as imaging. 

The ideal interpolation operation can be viewed in the frequency domain as the 

the removal of the image spectra. Hence an ideal lowpass filter with a cutoff frequency 

of C2, = 7r/L is needed. However, it is not very practical to implement an ideal lowpass 

filter. Therefore it is adequate to just remove the image spectra by using a lowpass 

filter with a passband corner at the highest frequency component of interest and a 

cutoff frequency at the beginning of the first spectral image. This lowpass filter is 

known as an anti-imaging filter. 
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0 27r/L 47r/L 67r/L 27r 

b) 

I I I I I 
0 27r/L 4ir/L 6'ir/L 27r SZ 

Figure 3.17 a) Spectrum of the upsampled signal with anti-
imaging filter shown in a dotted line. b) The 
resultant spectrum after the anti-imaging filter. 



4. Multirate Filter Design 

Multirate filters can be used as an alternative for digital filters which suffer from 

redundancies. A filter contains redundancies if the bandwidth or the transition band-

width is less than half of the sampling rate. Throughout this thesis, many references 

will be made to the computational complexity C of a particular system. The value 

of C is defined as the number of filter operations per second (FOPS). A single fil-

ter operation is defined as the multiplication of a sample by a filter coefficient and 

the subsequent accumulation. The following sections will discuss the design of cas-

cade singlerate filters, and multirate filters that operate at different sampling rates 

to create low complexity filters with the desired frequency responses. 

4.1 Estimation of Computational Complexity 

The complexity of a system can be defined as the number of filter coefficients mul-

tiplied by the frequency at which output samples are calculated [12]. The number of 

coefficients in a filter can be approximated using Bellanger's Approximation Equation 

(3.39), and the resulting complexity is approximately 

C N • fo 
2 3  1 
3 • logio(

1048,) b fo•

(4.1) 

This is the case for a singlerate filter which operates at one sample frequency. How-

ever, a complexity measure can also be defined for filters which operate at multiple 

sampling rates. For multirate filter schemes which operate filter stages at lower sam-

pling rates, the complexity may be defined as the complexity at the original sampling 

rate. For example, if a filter has a new sampling rate of fo,i = /2Q-, then the complexity 

53 
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of the filter is defined as 

C = N • fo,i 

= N • fo 
2 

= —2 fo. (4.2) 

For multiple stages of cascaded filters, the total complexity is the sum of the com-

plexity of each stage in terms of the original sampling rate. 

Ctot = Ci -FC2 +C3 + . . . 

= Nifo +N2fo +N3f0 + . . . 

4.2 Interpolated Finite Impulse Response Filter 

The first alternative method for optimizing Finite Impulse Response (FIR) filters 

consists of singlerate filters which are designed using multirate concepts. The Inter-

polated FIR (IFIR) filter is composed of two singlerate FIR filters in cascade. The 

first stage is G(zK) and the second is F(z). 

X (z) d 
G(zK) F(z) Y(z)

Figure 4.1 IFIR filter structure 

The overall response of the filter is given by H(z) = G(zK) • F(z). Strictly speak-

ing, this filter is not a multirate filter, however multirate techniques are applied to the 

desired impulse response, h(n), to obtain the G(z") and F(z) filters. The transfer 

function of G(zK) is a function of zK. This can be implemented in a transversal pro-

totype filter, G(z), by replacing every delay element z-1 with z-K. This is equivalent 

to inserting K — 1 zeros between each coefficient of G(z), or upsampling G(z) by a 
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  G(z) 

K fs

G(zK) 

fp f. 19,F 11‘)- 

Figure 4.2 Cutoff frequencies for F(z), G(z), and G(zK) 

where Sp,G is the passband ripple for the filter G(z), and Sp,F is the passband ripple 

for the filter F(z). 

In the desired filter H(z), the maximum passband gain is 1 op. If Spp << 1 and 

6p,F << 1 then the approximation may be made that Op 2j- Opp (5p,F, and Sp,G8p,F 0. 

The stopband ripple of the resultant filter, H(z), includes the transition band of the 

the filter F(z) and the images of G(z), therefore the worst case attenuation for H(z) 

is given by 

6. = 6.,G(1+ 6.p,F) Is 5 f 5 ff,F 
fo 

(5, = 5s,F(1+ 5p,G) f s,F f 

If 65,G, 6s,F, 6p,G, and 6p,F are small, then the further approximation may be made 

that 63,G = Ssf (53 [12]. 

The factor K that is chosen must be an integer and must also balance the com-

pression factor of the spectrum with the complexity of the anti-imaging filter. By 

choosing K as a large value, the number of non-zero coefficients in G(z) can be made 

small, but the anti-imaging filter F(z) would have to be more complex or steeper to 
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filter out the images. 

4.3 Single Stage Multirate Filter 

The second multirate alternative for optimizing FIR filters uses a single stage 

multirate filter. This filter is composed of 3 components; a downsampler, kernel filter 

and an upsampler. Figure 4.3 shows the blocks of the multirate filter. Unlike the 

IFIR filter, the multirate filter can not be represented by a closed form expression 

due to the different sampling rates of the filters. 

X (z) 

fo 

Hd(z) 

X d(W) X d,l(w) 

m Hk(z) 

X k ,1 

L 
X k (C41) 

f0,1 .fo 

Hi(z) 
Y(z) 

Figure 4.3 Single stage multirate filter structure 

The downsampler is composed of an anti-aliasing filter or decimation filter, Hd, 

followed by a decimator with decimation factor M. The purpose of the downsampler 

is to reduce the sampling rate by a factor of 2 or more. The anti-aliasing filter 

controls the amount of aliasing that may occur after downsampling. The kernel filter, 

Hk, determines the transition characteristics of the output spectrum. The kernel 

filter is a filter with appropriately scaled passband and stopband characteristics. The 

upsampler is composed of an interpolator with interpolation factor L, followed by 

an anti-imaging filter or interpolation filter, Hi. The anti-imaging filter basically 

removes any images created by the interpolator operation, similar to the effect in the 

IFIR filter. 

The output of each stage labeled in Figure 4.3 is shown in Figure 4.4 with the 

assumption that M = L = 2. Figure 4.4a shows an input signal X(co) with a white 

spectrum. This spectrum is passed through an anti-aliasing filter and the output 

is shown in Figure 4.4b. Figure 4.4c shows the spectrum after the downsampling 

operation. Aliasing occurs due to the downsampler, but not in the lowpass region of 

interest. Any aliasing that does occur in the lowpass region has a minimal effect due 

to the attenuation in the stopband of the anti-aliasing filter. Figure 4.4d shows the 
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Hk 

0 

X k (CV) 

H 

0 

Y (w) 

2 

2 

0 

Figure 4.4 Steps in a Single Stage multirate filter. The 
steps show: a) white input spectrum, b) spec-
trum after anti-aliasing filter, c) downsampled 
spectrum, d) kernel filtered spectrum at the 
lower sampling rate, e) upsampled spectrum and 
f) output spectrum after application of the anti-
imaging filter. 

fo 
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output of the kernel filter implemented at the lower sampling rate. The kernel filter 

determines the final output spectral shape. Figure 4.4e shows the spectrum after 

upsampling and the application of the anti-imaging filter to produce the final output 

spectrum shown in Figure 4.4f. 

The advantage of single stage or multistage multirate filters is that most of the 

filtering is done at lower sampling rates which means more multiplies can be performed 

between samples and more complex filters can be implemented. Alternatively, the 

filter implementation can be done with less complex filters and therefore slower, less 

expensive processors may be used. The overall number of coefficients is large, but the 

complexity of the overall filter is relatively small because the filters are operated at 

fractions of the original sampling rate. 

The first consideration in multirate filter design is the determination of an ap-

propriate downsampling factor. This value must be chosen so that no aliasing of 

the desired frequency spectrum occurs after downsampling. Once the downsampling 

factor is chosen, the filter specifications for Hd, Hk, and Hi may be determined. 

The anti-alias filter is used to ensure that there are no frequency components that 

will alias after downsampling. The passband corner of the decimation filter is the 

same as fp of the overall filter. For a fixed value of M, the new sampling rate after 

the decimator is fo,i = ill .  This means that the stopband frequency of the decimation 

filter is at fo,i — fs so that any components above this point will not alias into the 

passband after downsampling. The filter specifications for the interpolation filter, 

Hi, are also determined to have the same passband and stopband frequencies. This 

ensures that after interpolation the image spectra are removed. Figure 4.5 shows the 

cutoff frequencies of the 3 filters. 

The kernel filter corner frequencies in hertz are the same as the desired filter 

response having a passband corner at fp and a stopband corner at L. But since the 

sampling rate has been reduced by a factor of K, the kernel filter corner frequencies 

and transition bandwidth, normalized to the new sampling rate, will be K times 

larger. 

The worst case ripple in the passband of each filter is approximately the sum of all 
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Figure 4.5 Cutoff frequencies for the Hd, Hi, and Hk filters 

three filter passband ripples. Therefore, allocation of passband ripple to the filters is 

just 3 of the predefined ripple of the overall filter response. The attenuation in each 

filter is at least as much as the predefined attenuation in the overall filter response 

[12]. 

4.4 Multistage Multirate Filter 

The minimum complexity of a single stage decimation and interpolation filter can 

be further reduced by using two or more stages of interpolation and decimation. In 

general, an N stage multirate filter would consist of N decimation and interpolation 

stages and 1 kernel filter stage. For example, a two stage multirate filter would consist 

of a kernel filter surrounded by two levels of decimation and two levels of interpolation 

as shown in Figure 4.6. 

X(

fo 

HD1 

HI

fo 

it 

HD2 

HI

HK

10,1 

10,2 

10,2 

Figure 4.6 Two Stage multirate filter cascade consists of 2 
decimation, 2 interpolation and 1 kernel filter. 
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The input signal X(z), with corresponding sample rate of fo, is first bandlimited 

by the anti-aliasing filter HD1 then converted to a lower sampling rate of fo,i using 

the decimator Mi. The sample rate is further reduced to 10,2 by a second anti-alias 

filter H11, and a second decimator M2. The kernel filtering is performed at the lowest 

sampling rate 10,2. 

Assuming that no aliasing components appear in the passband or transition band 

of the kernel filter from the decimation process, then the passband and stopband 

corner frequencies for the filter stages can easily be specified. The passband corner 

frequency for the first stage decimation filter HD1 must be fp and the stopband 

corner must be fo,i — fs. Similarly the second stage decimation filter HD2 must have 

a passband corner of fp and a stopband corner of 10,2 — f3, where fp and fs are the 

passband corner and stopband corner of the kernel filter HK. 

HK 
• HD2, HI2 

fp 10,2 — f8 10,2 10,1— f. fo,i 

Figure 4.7 Cutoff frequencies for two stage decimation and 
interpolation filters. 

Although these specifications are for a two stage multirate filter scheme, the same 

concepts can be applied to any number of multiple stages. If these filters stages are 

designed properly, multistage filter schemes will result in a smaller complexity than 

a single stage filter. However, in practice, when programming a DSP chip, there 

are some overheads associated with each successive filter stage. In this instance, al-

lowances must be made for the organization and the proper execution of the program. 

It is possible that the theoretical savings are cancelled out by the complexity of the 

programming overheads. 
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4.5 Highpass and Bandpass Multirate Filters 

The filters that have been discussed so far have all been lowpass filters, but band-

pass and highpass filters may also be implemented. The only difference is that the 

initial anti-aliasing filter Hrn and final stage interpolation filter H11 must be a high-

pass filter for the highpass implementation, and a bandpass filter for the bandpass 

implementation. Once the signal spectrum is brought down to baseband, then the sig-

nal processing may proceed as before using lowpass filters. An example of a highpass 

implementation is given in Figure 4.8. 

a) 

HHP 

0 

0 12° -f, 

fo — fo,i — f. 

— f. 

a 2 

fa 
2 

Figure 4.8 a) Decimation and Interpolation filters for high-
pass multirate filter b) The highpass spectrum 
aliased into the baseband after decimation. 

The bandpass filter implementation requires that the center frequency of the filter 

be at fm, = k • fo,i = k • fo/M as shown in Figure 4.9, where k is an integer. Since 

decimation creates copies of the spectra at every multiple of the new sampling rate 

fo,i, the bandpass signal will be aliased into the baseband. The baseband signal 

can then be processed as a lowpass signal where h and fp are kernel passband and 

stopband corners. 

4.6 Dyadic Cascading 

A special case of multistage multirate filters is dyadic cascading. With dyadic cas-

cading, the multirate filter is made up of filter stages which decimate and interpolate 

by a factor of 2. An example of a 3 stage cascade filter is shown in Figure 4.10. 
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r 
0 fm — fm — fp fm fm + fp fm + fs fm + fo,i — fs 

Figure 4.9 Decimation and Interpolation filters for a band-
pass multirate filter. 
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Figure 4.10 Three stage dyadic cascading filter. 

In the first stage the sampling rate of the input signal X(z) is reduced to fo,i = 

fo/2. The corresponding anti-aliasing filter in the first stage HD1 has a passband 

frequency of h and a stopband frequency of A,'  — L, where h is the stopband 

frequency of the kernel filter HK. In the other two decimation stages, the sampling 

rate is halved each time. This means that the sampling rate of the second stage is 

10,2 = f0 /4 and at the third stage and kernel filter the sampling rate is 10,3 = fo/8. 

The passband for the second stage decimator HD2 is f, and the stopband is 10,2 — L. 

Similarly, the passband for the third stage decimator HD3 is h and the stopband 

is 10,3 — fs. The interpolation filters usually have the same impulse response as the 

decimation filters so that HD1 = HI1 and so on. 

It should be noted that the passband corner for the filters was chosen to be L 

and the sampling rate of the next stage minus L, i.e. fo,i — h for the first decimator. 

This creates a filter with the transition band centered over it/2 and allows the use of 

halfband filters. By using halfband filters and exploiting the properties of halfband 

filters, the number of non-zero coefficients in the filter can be almost cut in half. 
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-11-D3; H13 

HD2, H12 
HD1;ffn 

0 I s 10,3 10,2 f0,1 

Figure 4.11 Frequency scheme for decimation and interpola-
tion filters of the 3 stage dyadic cascade. 

4.7 Complementary Multirate Filter 

Most of the filters that have been discussed have been narrow band lowpass sig-

nals with cutoff frequencies between 0 < Q < 7r/2 or highpass signals with cutoff 

frequencies between 7r/2 < Q < 7. Filters with a broad band response which exceeds 

7r/2 and have a sharp cutoff are not realizable using these techniques. However by 

taking the complement of these filters, it is possible to implement broad band filters 

with multirate techniques. 

The only difference in a complementary multirate filter stage is the existence of the 

complementary formation. This filter complement is very similar to the complement 

structure given in Figure 3.4, except that the filter stage H(z) is replaced by the 

multirate filter stage. The delay z-N should exactly compensate for the propagation 

delay through the filters HD(z), Hi(z), and HK(z) at the higher sampling rate. This 

means that the equivalent length at the higher sampling rate for the decimation, kernel 

and interpolation filters must add up such that the delay N = ND2-1  N12-1  ± NK2 1 

at the higher sampling rate is an integer value, where ND, NI, NK are the equivalent 

lengths of the decimation, interpolation and kernel filters respectively, at the higher 

sampling rate. 

4.8 Noble Identities 

The scaling of a discrete signal and their addition is independent of the sampling 

rate. Therefore the structures shown in Figure 4.13 are equivalent. This is the first 

Noble Indentity [12]. 

Also, a delay of M samples before a downsampler is the same as a single delay 
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X(z) 
HHD(z) 

Z-  N

Y(Z) 
HI(z) 2 

H K (Z) 

Figure 4.12 Multirate filter stage showing the complement 
formation. 

xi (n) a 

O 

x2(n) b x2(n) 

Figure 4.13 The first Noble Identity 

after an Mth order downsampler. This leads to the second Noble Identity shown in 

M 
y(m) 

Figure 4.14. 

x(n) y(m) x (n) m z-1
Y(m) 

Figure 4.14 The second Noble Identity 

A more generalized version of this identity is the third Noble Identity shown in 

Figure 4.15. This identity states that as long as a transfer function is a pure function 

of zM it can be moved from in front to behind a downsampler. The function after the 

downsampler is the same as the function before the downsampler, but the argument 

changes from zM to z. These identities can be extended for the upsampling process 

such that the fourth, fifth, and sixth Noble Identities are shown in Figure 4.16. 

The fourth identity shows the independence between the scaling of the discrete 

signals and the sampling rate. The fifth identity shows that a single sample period 

before an Lth order upsampler is the same as L delay periods after the upsampler. 
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X(z) 
H 

Y (z) m
H(z) 

Figure 4.15 The third Noble Identity 

Y () 

The sixth identity is a more generalized version of the fifth identity. The third and 

sixth identities are very useful in multirate filters and will be used in later chapters. 

a) y(m) 

c) 

t L -3.-

z-1

a 
  x (n) 

  x2 (n) 

L x(n) 

H(z) 

a 

Y(m) 

(m) 

Y(z) X (z) 

L Z-L
x(n) 

H(zL) 
Y(z) 

Figure 4.16 The a) fourth, b) fifth and c) sixth Noble Iden-
tities for the upsampling process. 



5. Application of Multirate Filter 

Techniques for Optimization of the 

IS-95 Baseband Filter 

The purpose of optimization is to produce equivalent or better frequency response 

filters, while at the same time reducing the complexity of the filter scheme. Multirate 

filter concepts and techniques can be applied to optimize existing filters to meet rip-

ple, attenuation and linear phase requirements. The following sections will explore 

the many different methods for designing optimized filters such as using an IFIR im-

plementation, singlestage multirate implementation, and a multistage complementary 

implementation. 

5.1 IS-95 Filter Specification 

The IS-95 standard specifies the frequency response of the transmitter baseband 

filter to have a passband corner frequency fp of 590 kHz and a stopband corner fre-

quency f3 of 740 kHz. The passband ripple &, must be within ±1.5 dB and the 

stopband attenuation (Ss must be greater than or equal to 40 dB. The filter must also 

have a linear phase. The IS-95 standard contains the coefficients for such a filter, 

but it is a very complex 47th order, 48 coefficient FIR filter. The 48 filter coefficients 

actually produce a filter which have better ripple and attenuation properties than 

the response specified by the template. The resulting filter has the same passband 

and stopband corner frequencies, but the passband ripple is only ±1 dB, and the 

stopband attenuation is 45 dB or more. The filter design methods require that the 

ripple and attenuation be in linear scale so a conversion must be made. 

= ±1dB 

67 
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dB A

±1 dB 

0 

±1 dB 

-45 dB 

= 101/20 — 1 

= .122 

83 = —45dB 

= 10-45/20

= 5.6234E — 3 

0 590 kHz 740 kHz Hz 

Figure 5.1 Frequency template for the IS-95 baseband filter. 

(5.1) 

For a single rate FIR filter operating at a sampling rate of 10 the complexity of 

the filter is C = 48f0. The proceeding sections will show different filters which meet 

this frequency response specification and also reduce the overall complexity. 

5.2 IFIR Filter Implementation 

The IFIR filter consists of two filters in cascade. The first filter G(zK) is a sharp 

cutoff filter with a long impulse response which is derived from a prototype filter 

G(z) with a short impulse response. First the filter G(z) is determined from the 

template information and then it is upsampled by the factor K to create G(zK). The 

resampling of the lowpass filter G(z) creates a response with windows in the stopband. 

While the length of the impulse response of G(zK) is K times that of G(z), it has 

the same number of non-zero values and therefore the implementation cost in terms 
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of multiplies is the same. The filter G(zK) has the advantage of having a steeper 

transition band than G(z) by a factor of K but has the disadvantage of K images or 

K windows in the stopband. The second filter, F(z) is used to suppress the images 

in the stopband. The length of F(z) is much less than the length of G(zK) yielding a 

tandem filter G(zK)F(z) of length K times that of G(z) plus the length of F(z) and 

requiring relatively few non-zero coefficients. 

X(z) 
G(zK) F(z) 

Figure 5.2 Block diagram of the interpolated FIR filter. 

The first consideration in designing an IFIR filter is to determine a factor K that 

minimizes the sum of the lengths of the prototype filter G(z) and the second stage 

anti-image filter F(z). Since the stopband corner of the original baseband filter, H(z), 

occurs before 4, then a factor of at least 2 and at most 3 can be chosen so that the 

prototype passband and stopband corner frequencies do not exceed 2. To determine 

which is the best value for K, complexities for both will be determined. 

5.2.1 IFIR Filter Using K=2 

If the factor K = 2 is chosen then the characteristics of the low complexity filter 

G(z) can be defined as shown in Chapter 4. The passband corner frequency fp,G is 

twice the passband corner frequency fp of the desired filter H(z) and the stopband 

corner frequency f,,G is twice the stopband corner frequency L of H(z). The ripple 

8p in the passband of H(z) must be shared equally by the passband of the two filters 

G(z) and F(z). The stopband attenuation in each filter, Ss,G and (58,F, must be at 

least equal to the stopband attenuation in H(z). 

To create the filter G(z2), a zero must be inserted between the coefficients of 

G(z). This upsampling of the impulse response of G(z) creates a filter G(z2) with 

a baseband frequency response that has a narrower passband and steeper transition 

band, and 1 spectral image centered at /221. This is illustrated in Figure 5.3. 

The second stage filter F(z) is a lowpass filter used to eliminated the spectral 
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G(z) 

b) 

0 2fp 2f, 

••..F(z) G(z2 ) 

fo 

0 fp L fo 
2 

Figure 5.3 Filter specifications for K=2. 

fo 

images created in the upsampling of the filter G(z). The filter F(z) must have a 

passband corner frequency equal to the passband corner of H(z), and a stopband 

corner of .;a — L, which is where the spectral image begins. See Figure 5.3. 

The filter specifications for K = 2 are summarized below: 

G(z) 

F(z) 

fo = 4.9152MHz 

fp,G 2fp = 1.18MHz 

fs,G = 2 f3 = 1.48MHz 

Sp

up'G = —2 = .061 

(53,G = Ss = 5.6234E — 3 

fo = 4.9152MHz 

fp,F = 590kHz 

fs,F= —
io 
2 — I s = 1.7176MHz 

(52)' 
2 

F —
sp 

= .061 

SsF =(Ss = 5.6234E — 3 
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The number of coefficients in G(z) and F(z) and hence the complexity of the IFIR 

filter can be approximated using Bellanger's Approximation( 3.39). 

NG

NF 

2 1 1 

3 • 1°g1°\( 1061,,G6,,G1 b 
2 1 4.9152 d • togio( io(.061)(5.6234E — 3) ) 1.48 — 1.18 

= 27 

logio(  1 4.9152 

3 10(.061)(5.6234E — 3) ) 1.7176 — .590 

= 8 

Since both filters operate at the system sampling rate, the complexity of the two 

filters in tandem is 

C K=.2 = 2710 + 810 

= 35io• 

5.2.2 IFIR Filter Using K=3 

If a different factor of K is chosen, such as the maximum K = 3, then the 

specifications for the G(z) and H(z) filters will change slightly. Following the same 

methods as above, the passband corner of G(z) will be three times the passband 

corner of H(z), the stopband of G(z) will also be three times the stopband corner 

of H(z). The ripple and attenuations in G(z) and F(z) will remain the same as 

described above. 

To create G(zK), in this case K = 3, K —1 = 2 zeros must be inserted between 
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each coefficient of G(z). This will effectively upsample the impulse response of G(z) 

and create a baseband lowpass filter with a narrower passband and steeper transition 

band, but also creates 2 spectral images centered at .11 and 

a) 

b) 

0 fp Is fs,F 

Figure 5.4 Filter specifications for K=3 

fo 

 >•• 

The passband of F(z) is the same as the passband of H(z), and the stopband 

corner will be *) — h. See Figure 5.4. 

The filter specifications for K = 3 are summarized below: 

G(z) : 

F(z) : 

fo = 4.9152MHz 

fp,G = 3 fp = 1.77MHz 

fs,G = 3fs = 2.22MHz 

sp
6p,G = —2 = .061 

5,,G = 6, = 5.6234E — 3 

fo = 4.9152MHz 

fp,F = 590kHz 

fs,F = 
fo — Is = 898.4kHz 
3 
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= .061 

(53,F = (5s = 5.6234E — 3 

The number of coefficients required for G(z) and F(z) can be approximated by Bel-

langer's Approximation. 

2 1 \ 1 
NG = • logio(

104,G6.8,G1 b 
1 

2 • /outio ( 
3 10(.061)(5.6234E 

= 18 

2 1 
NF = — • 10g10( 

3 10(.061)(5.6234E 

= 27 

\ 4.9152 

— 3) ) 2.22 — 1.77 

4.9152 

— 3) ) .8984 — .590 

This means that the complexity of this IFIR with K = 3 is CK=3 = 45.io• 

The second filter F(z) can be implemented as another IFIR filter with a factor 

Kl = 2 such that F(z) can be represented by IFIR stages Gi(z2) followed by Fi (z). 

G(z3) 

F(z) 

Gi(z2) Fi (z) 
Y(z).

Figure 5.5 Alternate implementation of F(z) 

The specifications for this second stage IFIR filter are 

Gi(z) : fo = 4.9152MHz 

= 31p = 1.18MHz 
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fs,Gi = 3fs = 1.7968MHz 

8p,Gi =  = .0305 

63,G, = (5, = 5.6234E — 3 

Fi(z) : fo = 4.9152MHz 

fp,Fi = 590kHz 

fa 
= — .19,F = 1.5592MHz s,Fl

= = .0305 

= 6, = 5.6234E — 3 

The number of coefficients for each of these filters can be approximated as 

NG1
2 1 1 1 

= .16'gw(106p,G1(5,,G, ' b 
1  ,  4.9152 

= • logio( 
3 10(.0305)(5.6234E — 3) ) 1.7968 — 1.18 

= 15 

2  1  ,  4.9152 
= • logio( 

3 10(.0305)(5.6234E — 3) ) 1.5592 — .590 

= 10 

The complexity of this 2 stage IFIR filter with K = 3, 2 is C = [NG + NG, = 

43 fo. 

The IFIR with K = 2 has a complexity of 35f0 whereas the IFIR with K = 3 has 

a complexity of 451o, and the IFIR with K = 3, 2 has a complexity of 431o. The lower 

complexity in the first IFIR filter is due to the fact that a factor of K = 2 creates 

filters G(z) and F(z) with fairly wide transition bands resulting in low order filters. 

The IFIR filter with K = 3 creates a wider transition band in G(z), but also creates 

a very steep transition band in F(z) so that a very high order filter is required. The 
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best IFIR implementation can be achieved by using a factor of K = 2. 

By using MATLAB, an IFIR filter with K = 2 was implemented. The filters G(z) 

and F(z) were generated using the MATLAB functions remez and remezord. The 

MATLAB program called ifir.m (see appendix) used the specifications to generate 

two filters of length 10 for F(z) and length 27 for G(z), resulting in a complexity 

of C = 371o. However upon examination, the filters had a much better response 

than the specifications. Therefore the filters were of an order higher than what is 

required. Hence the requirements for the ripple and attenuation were reduced such 

that 62, = ±1.5dB = 0.1885, 6, = 42dB = .008. This produced two filters with 

length 9 for F(z) and length 24 for G(z). This is a complexity of C = 3310. By 

using Bellanger's Approximation, a fairly accurate approximation of complexity can 

be achieved. The actual order of the filter can be adjusted a bit as shown above 

when the filter order of F(z) was reduced by 1 and the order of G(z) was reduced 

by 3, while still maintaining the desired frequency response and phase response. The 

impulse responses for the filters are shown in Figure 5.6. 

Coefficients for G(z) 

0.4 

0.2 

0 

-0.2 
0 

0 

0 6 0 19 0 CD I I 
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I T 0 
6 6 9 0 6 0 

0.4 

0.2 

10 15 

Coefficients for F(z) 

20 25 

-0.2 
0 1 2 3 4 5 6 7 8 9 10 

Figure 5.6 Impulse response for G(z) and F(z) 
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Table 5.1 Coefficients for filters G(z) and F(z) 

n g(n) 
1,24 -1.7908270e-02 
2,23 -3.1875182e-02 
3,22 -1.9592825e-03 
4,21 2.7222823e-02 
5,20 -4.0968302e-03 
6,19 -3.9449524e-02 
7,18 1.5913244e-02 
8,17 5.8874899e-02 
9,16 -3.9924515e-02 

10,15 -1.0405749e-01 
11,14 1.2825624e-01 
12,13 4.6845851e-01 

n f(n) 
1,9 -2.4662221e-02 
2,8 -4.6863711e-02 
3,7 5.5634036e-02 
4,6 2.9470888e-01 
5 4.3179827e-01 
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The frequency response for the IFIR with K = 2 is shown in Figure 5.7 as well 

as the phase response of the system. Note that the passband ripple of the resultant 

output spectrum fits within ±1dB and the signal spectra in the stopband have been 

attenuated at least 45dB. The passband has linear phase. The stopband has discon-

tinuities in the phase and so is not linear phase, but there is no requirement for the 

stopband phase to be linear. Note that there is a small spike of about 5 dB in the 

magnitude response at half the sampling rate. This happens in the downsampling 

process where there is a sinusoid of frequency The result can be zero or not 

depending on the phase. 

The delay through this filter is just the lengths of the G(z2) and F(z) filters. This 

includes non-zero and zero coefficients so that for this filter the delay is NG(z2) + 

NF(z) = 47+9 = 56 samples. Since this is a single rate filter, 33 multiplies need to be 

performed at the sampling rate regardless of the type of implementation. Hence the 

complexity is the same for a DSP implementation as for an ASIC implementation. 

5.3 Single Stage Multirate Implementation 

A single stage multirate filter consists of a decimation stage, a kernel stage, and 

an interpolation stage as shown in Figure 5.8. The decimation stage is composed of 

two blocks; an anti-aliasing filter Hd(z), and a downsampler. The kernel filter is a 

single filter denoted Hk(z), and the interpolation stage is composed of two blocks; 

an upsampler and an anti-imaging filter Hi(z). 

The function of the decimator is to reduce the sample rate of a discrete signal by 

applying an anti-aliasing filter and then performing a downsampling or rate reduction 

operation on the discrete input signal. The kernel filter is a very important filter 

because it determines the transition band. The interpolator increases the sampling 

rate of the signal from the kernel filter by inserting zero valued samples (upsampling), 

and then applying an anti-imaging filter to eliminated any spectral images created by 

the upsampling process. 

To implement this filter, the downsampling factor M must be determined. Since 

it is desired that the output sampling rate equal the input sampling rate, then the 
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Magnitude Response of IFIR C=33, K=2 
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Figure 5.8 Block diagram of single stage multirate filter. 

decimation rate and interpolation rate must be the same so the upsampling factor, L, 

will equal M. For the same reasons that K for the IFIR was restricted to 2 or 3, the 

downsampling factor is restricted to 2 or 3 here. Both values for M will be explored 

to determine the best choice in terms of complexity. 

5.3.1 Single Stage Multirate Filter M=2 

By choosing M = L = 2, the characteristics for the anti-alias filter, kernel filter, 

and the anti-imaging filter can be determined as in Figure 5.10. The new sampling 

rate will be fo,i = Downsampling will not change the spectrum in the band (0, 2) 

but will shift the spectrum in the band (t, fo) to the band (0, 2  ). This is illustrated 

in Figure 5.9a), 5.9b), 5.9c) and 5.9d). 

This means that any spectral content centered around fo,i with a bandwidth of 

2f, must be eliminated by the anti-alias filter Hd so that after downsampling, aliasing 

does not occur. Using this criteria, the passband corner frequency for Hd(z) is fp

and the stopband corner frequency is fo,i — L. The corner frequencies for the anti-

imaging filter are the same since after upsampling there will be 1 spectral image 

centered around fo,i with a bandwidth of 2f,. See Figure 5.9e), and 5.9f). 

The kernel filter can be implemented at the lower sampling rate of fo,i. The 

passband and stopband corner frequencies are the same in Hz as in the desired filter 

H(z). However, since the filter is being operated at the reduced sampling rate of II 

the normalized frequencies corners will be twice as large. 

The ripple in the passband of each filter stage is approximately the sum of the 

ripples in the three filters. Therefore a budget that distributes the ripple among the 

three filters must be set up. While it may not be optimum, it seems reasonable to 

split the ripple equally among the three filters. Thus the ripple for each filter would be 
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L3 
' The stopband attenuation in each filter must be at least equal to the attenuation 

in the stopband of H(z). 

The filter specifications for M = L = 2 are summarized below: 

Hd(z) = Hi(z) : 

Hk(z) : 

fo = 4.9152MHz 

= fp = 590kHz 

= — = 1 2° — 740kHz 

= 1.7176MHz 

6p,D,I = —
3 

= 40.6728E — 3 

(5s,DJ = SS = 5.6234E — 3 

fo,i = 2.4576MHz 

= fp = 590kHz 

fs,K = fs = 740kHz 

Sp' 
3 

K = —
sp 

= 40.6728E — 3 

(55,K = 6s = 5.6234E — 3 

The number of coefficients in the anti-aliasing, anti-imaging, and kernel filter can be 

approximated by using Bellanger's Approximation. 

ND,I 

NK 

2 1 1 

3 
• logio( 

b 
2 

= — • logig 
1  , 4.9152 

3 10(40.6728E — 3)(5.6234E — 3) ) 1.7176 — .590 

= 8 

1  , 2.4576 2 
• /ogio(10(40.6728E — 3)(5.6234E — 3) ) • .740 — .590 

= 29 
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By applying two Noble Identities, the filters Hd(z) and Hi(z) can be operated at the 

lower sampling rate fo,i. The complexity of this single stage filter with M = L = 2 is 

CM=2 = 2(810,1) + 29 fo,i 

= 810 + 14.510 

= 22.51o. (5.2) 

5.3.2 Single Stage Multirate Filter M=3 

If a downsampling factor of M = 3 is chosen then the filter specifications will 

change slightly as shown in Figure 5.11. The new downsampled sampling rate will 

become fo,i = IT-. The passband and stopband corners are determined the same way, 

but with reference to the new downsampled rate of 3. 

• .11d(z), Hi(z) 

Hk(z) 

13 fp f. .fo,i — fs fo,i fo 

Figure 5.11 Filter specifications for single stage multirate fil-
ter with M=3 

The filter specifications for M = L = 3 are specified below: 

Hd = Hi : fo = 4.9152MHz 

ip,D,I = fp = 590kHz 

= fo,i — h = —fo — 740kHz
3 
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Hk : 

= 898.4kHz 

8p,D,I 
67, 

= I = 40.6728E — 3 

8,,D,/ = 68 = 5.6234E — 3 

fo,i = 1.6384MHz 

fp,K = fp = 590kHz 

fs,K = fs = 740kHz 

6.13,K = -
(5p 

= 40.6728E — 3 
3 

83,K = Ss = 5.6234E — 3 

Once again we can estimate the complexity with Bellanger's Approximation. 

ND,I 
2  1  1 d • logio(

106p,D,V5s,o/ b 
2 iogio( 1 4.9152 • 

10(40.6728E — 3)(5.6234E — .8984 — .590 

= 28 

NK 
2 

login(
3 

1 \ 1.6384 
= • 

 10(40.6728E — 3)(5.6234E — 3) ) .740 — .590 

= 20 

After applying the Noble Identities the complexity for this filter is 

C m=3 = 2(28/0,1) + 29/0,1 

= 18.66710 + 9.66710 

= 28.3331o. (5.3) 
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As can be seen from the estimations given by ( 5.2) and ( 5.3), the single stage 

multirate filter with M = L = 2 produces a filter with a lower complexity. The filter 

structures are the same between the two filters, but one uses a downsampling factor of 

2 whereas the other uses a factor of 3. The filter with M = 2 has simpler decimation 

and interpolation filters since they have a fairly wide transition band. The filter with 

M = 3 downsampling requires higher order filters due to the steeper transition band. 

The kernel filter in both cases are of similar orders. The best theoretical single stage 

multirate filter is obtained with a downsampling factor of M = L = 2. 

A single stage multirate filter was generated using MATLAB. The program sstage.m 

generated the filters Hd, Hi, and Hk by using the filter specifications for M = 2 (See 

Appendix A). The filter Hd(z), Hi(z), and Hk(z) were generated using the reme-

zord and remez functions within MATLAB. Hd(z) and Hi(z) were generated with 

9 coefficients each and Hk(z) required 27 coefficients. Although the number of co-

efficients is 1 more than estimated for Hd(z) and Hi(z), it is 2 less in Hk(z). This 

results in a complexity of C = 22.5fo. The impulse response for the filters is shown 

in Figure 5.12. 

The frequency response and phase response of this filter is shown in Figure 5.13. 

The passband ripple is within ±1dB and the stopband attenuation is at least 45 dB. 

The passband is linear phase with a constant slope, but as with the IFIR, there are 

some discontinuities within the stopband which occur at the nulls of the frequency 

response. 

There is a similarity between the impulse response of the filters in the IFIR filter 

and the single stage multirate filter when M = K. The impulse response of G(z) 

and Hk(z), and the impulse response of F(z), Hd(z) and Hi(z) are similar in length 

and have similar shapes and magnitudes. The similarities in the impulse responses 

can be explained by examining the magnitude frequency responses of each filter for 

M = K = 2. See Figure 5.14. 

The filters G(z) and F(z) have filter specifications very similar to Hk(z) and 

Hd(z) respectively, therefore they should have very similar impulse responses. The 

G(z2) filter has a response equivalent to the single stage multirate filter up to the 
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Table 5.2 Coefficients for filters Hd(z), Hi(z) and Hk(z) 

n hd(n), hi(n) 
1,9 -2.3730721e-02 
2,8 -4.9298714e-02 
3,7 5.1512181e-02 
4,6 2.9398586e-01 
5 4.3527679e-01 

n hk (n) 
1,27 1.5022729e-02 
2,26 1.6748773e-02 
3,25 -7.9856223e-03 
4,24 -1.6541924e-02 
5,23 1.5420001e-02 
6,22 1.9921247e-02 
7,21 -2.8518173e-02 
8,20 -2.4566008e-02 
9,19 4.9882529e-02 

10,18 2.7470577e-02 
11,17 -9.7732720e-02 
12,16 -3.0278271e-02 
13,15 3.1508198e-01 

14 5.3057115e-01 
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Figure 5.12 Impulse response of Hd(z), Hi(z) and Hk(z) 
30 

anti-imaging filter. This includes the anti-aliasing filter, the downsampler, the kernel 

filter and the upsampler. The last stage filter F(z) is equivalent to the anti-imaging 

filter Hi(z). 

5.4 Multistage Multirate Complementary Implementation 

A multistage multirate filter can also be implemented by making the kernel filter 

into another multirate filter stage. The two decimation rates which can be used in 

the first stage are M = 2 or M = 3. Any other higher decimation rate will cause 

aliasing. 

The kernel filter in the multirate filter that uses M = 2 has a passband and 

stopband corner of 590 KHz and 740 KHz which expressed as a fraction of the new 

sampling rate fo,i = 2 are fp,K = 0.2401fo,i and fs,K = 0.3011 f0,1. Since the 

transition band of the kernel filter straddles the frequency at 4 of the new sampling 

rate, as illustrated in Figure 5.15, this kernel filter can not be implemented as a 

multirate filter. If the transition band had ended before then the kernel filter 
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Magnitude Response of Single Stage Multirate Filter, C=22.5 

0 

-10-7 n 

- 20
co 
10 -30

- 40 

- 50 

- 60 
0 

R
ad

ia
n 

P
ha

se
 

0 

- 100 

- 200 

-300 

-400 

- 500 

-600 

- 700 

-800 

- 900 

(A A
0.2 0.4 0.6 0.8 1 

A A A 
1.2 1.4 1.6 1.8 2 

Passband Ripple 

0.05 0.1 0.15 
Normalized to Half the Sampling Rate 

Phase of the Single Stage Multirate Fiter 

0.2 

-1000
0 0.2 0.4 0.6 0.8 1 1.2 1.4 1.6 

Normalized to Half the Sampling Rate 

Figure 5.13 Magnitude and phase response of the single stage 
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G(z) 

0 

A Hk(z) 

fo 

0 10,1 

0 

0 

10 

10,1 fo 

a) b) 

Figure 5.14 a) Similarities in magnitude frequency response 
between filters G(z), Hk(z) and b) between 
F(z), Hd(z). 

could have been implemented as a multirate filter. On the other hand, if the transition 

band had started after fl'a the kernel filter could have also been implemented as a 4 

multirate filter. But in this case, a complementary structure would have to be used. 

fp,K 

0 fo,4 i 
/0,1 

Figure 5.15 Transition band overlaps t: causing aliasing if 
further decimations of M=2 are performed. 

When the initial spectrum is decimated by a factor of 3, the new sampling rate 

becomes fo,i = In this case the transition band begins above +rf 1 with the nor-

malized passband and stopband corner frequencies at fp,K = 590kHz = 0.3601f0,1 and 

fs,K = 740kHz = 0.4517f0,1. A normal decimation may not be performed because the 

spectrum of interest is above 4f , and will alias if the sampling rate is reduced. But 

since the transition band is above f 41 , then a complement of the filter may be taken. 
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This produces a complementary highpass filter with stopband and passband corner 

frequencies at fs,c = fp,K = 590kHz and fp,c = fs,K = 740kHz. 

A 
a) 

fp,K fs,K/ 

0 

b) 

( s,c = t5p,K 

0 

10 ,1 
4 

fp,K 

18,c 

(5p,c = 8,K 

1 8,K

f p,c 

Figure 5.16 Decimation by M=3 and the resultant highpass 
complement. 

This highpass filter may now be implemented separately as a single stage filter 

or as multiple cascaded stages. As long as the complement structure of Figure 4.12 

is used, then the desired lowpass response will be maintained. The stopband corner 

of the highpass filter is less than -634 from fo,i which means that the filter may be 

downsampled with a factor of M2 = 2 or M2 = 3. 

After downsampling by either decimation factor, the resulting filter has a tran-

sition band which overlaps This means that no further decimations may be 

performed. The resultant two stage filter is shown in Figure 5.17. 

The passband ripple of the highpass filter is the stopband attenuation of the 

lowpass kernel filter so that 87,,, = (5s,K = 45dB. The stopband attenuation of the 

highpass filter determines how much of the stopband is aliased into the passband of 

the highpass filter. Since in the end, the highpass filter is complemented, then aliasing 

occurs from the passband to the stopband of the low pass kernel filter. The aliasing 

into the stopband of the low pass kernel filter should be less than the suppressed stop-

band signal. If it is assumed that the power spectral density of a signal is white, then 
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H i(z) 
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M2 Hd2 (z) 

Hi2(z) 

Hk2 (z) 

Stage 1, M=3 Stage 2, M2 =2 or 3 

Figure 5.17 Two stage filter showing a first stage decimation 
of M=2 and the second stage complement struc-
ture 

the aliased signals in the stopband of the lowpass kernel should be 6,,K. This means 

that the stopband attenuation of the decimation filters for the highpass complement 

should be Ss,c < 68,KdB +10 • logio(M2 — 1), where M2 —1 are the number of spectral 

segments that alias from the stopband to the passband of the highpass filter. 

5.4.1 Multistage Multirate Filter M=3,2 

If a downsampling factor of M2 = 2 is chosen for the complementary multi-

rate implementation of the lowpass kernel filter, then the decimation, interpolation 

and kernel filters for the new multirate highpass complement filter are as shown in 

Figure 5.18. The decimation and interpolation filter, Hd2(z) and Hi2(z), must be 

highpass filters with the passband at fp,D,/,2 = f pc = 740kHz, and a stopband fre-

quency of fs,D,/,2 = 10,2 — fs,c = 819.2 — 590kHz = 229.2kHz. The passband ripple 

of the filters is shared between the decimator, interpolator and the kernel filter. The 

passband ripple in the decimator and interpolator is then 5p,D,/,2 = 
as3K = 5.623E-3 

3 

and the stopdband attenuation is 5,,D,/,2 = Ss,K = 5.6234E — 3. 

The kernel filter of the highpass complement is a lowpass filter operating at the 

reduced sampling rate of 10,2 =   = 819.2kHz. The passband of the kernel filter 

is fp,K,2 = 10,3 — 740kHz = 79.2kHz, and the stopband is fs,K,2 = 10,3 590kHz = 

229.2kHz. The passband ripple is 6p,K,2 = 5.62334E-3 and the stopband attenuation is 
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6s,c = Op,K 

15p,c = Os,K 

0 

b)

fs,c fp,c 
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Hd2 (z), Hi2 (z) 

10,1 

0 fs,D,I,2 

Hk2 (z) 

0 fp,K,2 fs,K,2 10,2 

fp,D,I,210,2 f0,1 

Figure 5.18 Filter specifications for the second stage decima-
tor, interpolator and kernel filters for M2 = 2. 
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(5.9,K,2 = (5p,K- = 27.8dB = 40.6728E — 3. 

The filter specifications are summarized below: 

Hd2(z) = Hi2 (z) 

Hk2 (z) 

.f(),1 = 1.6384MHz 

fp,D,I,2 = 740kHz 

fs,D,I,2 = 229.2kHz 

5.6234E — 3 
= 3 

= 5.6234E — 3 

10,2 = 819.2kHz 

fp,K,2 = 79.2kHz 

fs,K,2 = 229.2kHz 

5.6234E — 3 
(5p,K,2 = 

3 

8s,K,2 = 6s = 40.6728E — 3 

The number of coefficients required for the second stage decimation, interpolation 

and kernel filter be approximated by using Bellanger's Approximation. 

NDJ52

NK,2 

2 1 1 d • logio ( 
108p,D,r,2(5s,D,I,2 ) b 

1 1.6384 
= 33- • /ogio( 

10(5.6234E -3)(5.6234E — 3) ) 3 
.740 — .2292 

= 9 

= 
2 

 
1

 • 
819.2 

logio( 
\ 

3 10(40.6728E — 3)(5.62334 E-3) )
 229.2 — 79.2 

= 12 

Therefore the delay N, used in the complement structure shown in Figure 5.17 is 
2(ND 2-1) NK 2 - 1 

= 
2

' + 2 = 8 + 11 = 19. 2 
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By combining the complexity of the first stage decimator, interpolator and the 

second stage decimator, interpolator and kernel filter, the overall complexity is: 

CM=3,2 = 2(2810,1) + 2(910,2) + 1210,2 

= 23.66710

5.4.2 Multistage Multirate Filter M=3,3 

If decimation of M2 = 3 is chosen for the multirate implementation of the comple-

mentary filter, then the specifications for the decimation, interpolation and kernel fil-

ters are as shown in Figure 5.19. The decimation and interpolation filters, Hd2(z) and 

Hi2(z), must be highpass filters with a passband frequency of fp,D,I,2 = fp,c = 740kHz, 

and a stopband frequency of fs,D,/,2 =   = 273.067kHz + 819.2kHz — 590kHz 

502.267kHz. The ripple in the passband the same as in the case when M2 = 2, but 

the attenuation is 88,D,/,2 = 45dB + 10 • logi0(2) = 48dB = 3.981E — 3. 

The kernel filter in this case is a highpass filter operating at the sampling rate 

10,2 = fs l = 546.133kHz. The passband frequency of the kernel filter is at fp,K,2 = 

.f02,2 — fp,c) = 273.067kHz — 819.2kHz + 740kHz = 193.867kHz, and the stop-

band frequency is at 18,K,2 = --f°2 2 — (12221 — fp,c) = 273.067kHz — 819.2kHz + 590kHz = 

43.867kHz. The passband ripple and stopband attenuation are the same as in the 

kernel filter in the M2 = 2 stage. 

The filter specifications for M2 = 3 are summarized below: 

Hd2 (z) = Hi2(z) 10,1 = 1.6384MHz 

= 740kHz 

= 502.267kHz 
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a) 

fp,K 

6.9,c = (5p,K 

(5p,c = (58,K 

b) 

0 

A 

18,c fp,c 

I

10,1 

Hd2(z), Hi2(z) 

0 fs,D,I,10,2 fp,D,I,2 10,1 

0 fs,K,2fp,K,2 10,2 

Figure 5.19 Filter specifications for the second stage decima-
tor, interpolator and kernel filters for M2 = 3. 
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Hk2 (z) : 

6p,D,I,2 =
3 

88,D,/,2 = 3.981E - 3 

10,2 = 546.133kHz 

= 193.867kHz 

= 43.867kHz 

5.6234E - 3 
(5p,K,2 = 3

8s,K,2 = Ss = 40.6728E - 3 

5.6234E - 3 

By using Bellanger's Approximation, the number of coefficients in each stage is esti-

mated to be: 

2 1 1.6384 
ND,I,2 = logio• ( 

10(5.6234E3 -3)(3.981E 3) ) - - .740 .502267 

= 19 

2 1 546.133 
NK,2 logio( 

3 10(5.627 -3)(40.6728E 3) ) 193.867 - 43.867 - 

= 8 

Since N, must be integer, then the value of NK,2 must be odd. Choosing NK,2 = 9 

sets the delay used in the complement structure to be N, = 39; 1 = 30. 

The complexity of the first stage decimator, interpolator and the second stage 

decimator, interpolator and kernel filter can be approximated as: 

Cm=323 = 2(28f0,1) + 2(1910,2) + 910,2 

= 23.88810 

The complexity of the multistage filters is larger than a single stage filter and the 
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delay through the multistage filters is also very large. The delay for the single stage 

filter for M = 2 at the original sampling rate of fo is Ndelay = 8 + 8 + 2.29 = 72. For 

M = 3 the delay is Ndelay = 28 + 28 + 3 • 20 = 116. For the 2 stage multirate filter 

using M = 3, 2 the delay is Ndelay = 28+ 28 + 3.9 + 3 • 9 + 6.12 = 182. Finally for the 

2 stage filter using M = 3, 3 the delay is Ndelay = 28 + 28 + 3 • 19+ 3 • 19+ 9 • 9 = 251. 

Since the filter operates at 4.9152 MHz each delayed sample is equivalent to 0.20345 

As. The maximum delay of the filter schemes in terms of time is 51.06 tis. To put this 

in context, this is the time it takes for sound in air to travel a distance of about 1.75 

cm. This is a negligible delay for a voice channel. Since no substantial reductions in 

complexity are made with multiple stages, it is better to implement the filter using a 

single stage multirate filter or an interpolated finite impulse response filter. 

5.5 Halfband Filters for Optimized Decimation and Interpo-

lation Filters 

The single stage multirate filter and the interpolated finite impulse response filter 

can also be further reduced by using halfband filters for the decimation and interpo-

lation filters. 

5.5.1 Interpolated Finite Impulse Response Filter Using a 

Halfband Anti-imaging Filter 

For the IFIR filter, the anti-imaging filter can be implemented as a halfband 

filter. To qualify to be a halfband filter, the filter magnitude response must be anti-

symmetric about the gain at 7r/2. The ripple in the passband and stopband must 

also be the same. For the previously defined filters to be implemented as halfband 

filters, a couple of changes must be made to the filter specifications. 

For the second stage filter F(z) of the IFIR, the halfband filter specifications are: 

F(z) : fo = 4.9152MHz 

fp,F = 740kHz 

fs,F = —2 — = 1.7176MHz 
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Table 5.3 Coefficients for the halfband filter F(z). 

n f(n) 
1,11 1.9152272e-02 
2,10 0.0000000e+00 
3,9 -7.1535832e-02 
4,8 0.0000000e+00 
5,7 3.0522296e-01 
6 5.0002280e-01 

8p ,F 
2 

F = -
8„ 

= 5.6234E — 3 

= 88 = 5.6234E — 3 

- .F (z) G (z2 ) 

0 fp,F fs,F Lo_ 
2 fo 

Figure 5.20 Halfband filter specifications for F(z) with K=2 

The number of coefficients required for this filter is NF = 11. Since the number 

of non-zero coefficients in a halfband filter is (N2+3) , then there are just 7 non-zero 

coefficients in the impulse response of F(z). This results in a final complexity of 

(24 + 7)fo = 31 fo, which is a reduction in complexity of 2 coefficients. The same 

MATLAB program ifir.m is used to generate the filters G(z) and F(z), but this time 

the specifications for the halfband filter are used in the computation. The impulse 

response is given in Figure 5.21. 

The frequency and phase response obtained with the halfband filter is very similar 

to the filter using a regular anti-imaging filter. As shown in Figure 5.22 the passband, 
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Coefficients for Halfband Filter F(z) 
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Figure 5.21 Impulse response of the halfband filter F(z). 

stopband and linear phase requirements have been met. In the magnitude response, 

there is a small spike which occurs at half the sampling rate just as in Figure 5.7. 

The reasons for this have been stated earlier in this chapter. 

5.5.2 Single Stage Multirate Filter Using Halfband Decima-

tion and Interpolation Filters 

For the single stage filter, the decimation and interpolation filters can be imple-

mented as halfband filters. The passband corner of the filters will be chosen to be 

fp,D,I = 740kHz and the passband ripple and the stopband attenuation must be the 

same. Since the stopband attenuation must be at least 45 dB, then the passband must 

be made the same as the stopband attenuation such that 6p,D,/ = (53,D,/ = 5.6234E — 3. 

The new halfband filter specifications for the single stage multirate filter are: 

Hd(z) = Hi(z) : fo = 4.9152MHz 

= fs = 740kHz 
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Magnitude Response Using Halfband F(z), C=31, K=2 
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Figure 5.22 Magnitude and phase response of IFIR filter us-
ing halfband F(z) 
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fo fs,D,I = fo,i — fs = — — 740kHz 
2 

= 1.7176MHz 

Sr,DI =SS =5.6234E-3 

(5s,D,r = SS = 5.6234E — 3 

Hd(z), Hi(z) 

Hk(z) 

0 fp,D,I 10,1 — f8 fo,i fo 

Figure 5.23 Filter specifications for halfband filters Hd(z) 
and Hi(z) 

These specifications require around 11 coefficients. This means that only 7 of the 

halfband coefficients in Hd(z) and Hi(z) are non-zero. Also since the passband ripple 

is less than (3 = 40.6728E — 3 then the passband ripple in the kernel filter may be 

allowed to be larger. By tweaking this value from 8p,K = 40.6728E — 3 to 8p,K = 

80.0E — 3, Hk(z) was defined using only 24 coefficients as compared to the 27 from 

before. This means that the complexity of the halfband filter is 2(71o) + 2410 = 191o. 

The MATLAB program sstage_hb.m was used to generate the filters with impulse 

response shown in Figure 5.24. 

Figure 5.25 shows the frequency and phase response of the filter. It can be seen 

that the magnitude response and phase response requirements have been met. 

5.6 Results 

This chapter has explored the use of IFIR and multirate filter schemes to optimize 

the IS-95 baseband filter. The performance of each filter scheme was determined using 

a complexity measure defined as C = N fo, where N is the equivalent number of filter 

coefficients at the original sampling rate of fo. 

Of the different filter schemes, the lowest single rate filter complexity was produced 
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Table 5.4 Coefficients for halfband decimation and inter-
polation filters and the new kernel filter. 

n hd(n), hi(n) 
1,11 1.9152272e-02 
2,10 0.0000000e+00 
3,9 -7.1535832e-02 
4,8 0.0000000e+00 
5,7 3.0522296e-01 
6 5.0002280e-01 

n hk (n) 
1,24 -1.9889181e-02 
2,23 -3.1932620e-02 
3,22 -1.8854121e-03 
4,21 2.7935835e-02 
5,20 -5.1420304e-03 
6,19 -3.9195897e-02 
7,18 1.6441287e-02 
8,17 5.8865385e-02 
9,16 -4.0817058e-02 

10,15 -1.0359335e-01 
11,14 1.2889371e-01 
12,13 4.6792769e-01 
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Figure 5.24 Impulse response for halfband filters Hd(z), 
Hi(z) and the new Hk(z) 
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by the halfband IFIR filter with K = 2 resulting in C = 311o. The lowest multirate 

filter complexity was produced by the halfband single stage multirate filter with M = 

L = 2 resulting in C = 19f0. Although there is a large difference between the 

complexities, there are advantages to using either the IFIR or the multirate filter 

solution depending upon the type of implementation. The following chapter will 

discuss the issues involved with implementing the filters in software and hardware. 
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Magnitude Response using Halfband Hd(z), C=19 
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Figure 5.25 Magnitude and phase response of the single stage 
multirate filter with a halfband decimation and 
interpolation filter, and a new kernel filter. 
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6. DSP and PLD Filter implementa-

tion 

The filters that have been discussed in the previous chapter can be implemented 

in one of two ways: as a program in a Digital Signal Processor (DSP) chip or in 

a Programmable Logic Device (PLD). There are advantages and disadvantages to 

using the DSP or the PLD depending on the filter application. The following sections 

will investigate the feasibility and cost of using the DSP and the PLD for filter 

implementation. Data from initial simulations of the DSP and the PLD will be used 

to discuss the impact of the different algorithms on each of the different devices. 

6.1 Implementation Using the TMS320c40 DSP 

The use of a DSP chip to implement the filters was investigated using the Texas 

Instruments TMS320c40 Quad c40 processor board from Spectrum Signal Processing 

Incorporated. The purpose of this investigation was to determine the feasibility of 

using an inexpensive commercially available DSP chip for filter implementation. 

6.1.1 DSP System Layout 

The TMS320c40 was set up on a board that could be plugged into a PC expansion 

slot. On the board were four TMS320c40 DSP modules that could be used in parallel 

if required. Each TMS320c40 chip is capable of running on a 40 MHz clock with a 50 

nanosecond instruction cycle time or 50 MHz clock with a 40 nanosecond instruction 

cycle time. Only 1 of the TMS320c40 modules running at 40 MHz was used for this 

investigation. The analog to digital (A/D) and digital to analog (D/A) conversions 

to the DSP chip were provided by a Burr Brown Analog Daughter Module. This 

daughter module is capable of input sampling rates of 200 kHz and output sampling 

rates of 500 kHz. 

Communication between the DSP board and the PC was accomplished using a 
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TMS320c3x compiler and debugger to compile assembly code into machine code for 

the DSP chip. The machine code file was loaded into the c40 memory and executed 

by the debugger. 

6.1.2 DSP Performance Measure 

The performance of the DSP was measured by examining the number of clock 

cycles that were required to implement the 48 coefficient FIR filter suggested in the 

IS-95 specification. An assembly language program, FIRFILTLASM, was written to 

perform the filter operations and is included as Appendix B, page 131. Aside from 

the instructions involved in setting up the various registers of the DSP, the actual 

filtering operations of getting a new sample, performing the filter convolution, and 

supplying an output sample are all performed in an interrupt service routine called 

_c_int04. It was determined from the assembly file that 75 instruction cycles were 

required to produce 1 output sample. This means that with an instruction time of 

50 nanoseconds, it would take 3.75 microseconds to produce 1 output sample. This 

delay per output sample would limit the sampling frequency of the filter to less than 

266 kHz. However, the actual program was only tested at input sampling rates of up 

to 100 kHz to prove that the filter program worked successfully. Sampling frequencies 

above 100 kHz were not evaluated. 

Theoretically, if a faster A/D was available and it was set to run at a sampling 

rate faster than 266 kHz, the interrupts resulting from the new samples would cause 

the filter interrupt routine to process the new sample before the filter operations were 

complete for the previous sample. This would produce an erroneous output sample. 

The maximum processing rate of the DSP filter is limited by the speed of the DSP 

chip, the number of instruction cycles for the filter operation, and the length of 1 

instruction cycle. 

For a DSP chip to implement this filter of 75 instruction cycles at the IS-95 

baseband sampling rate of fo = 4.9152 MHz, and assuming that the instruction cycle 

time is the same as 1 clock cycle, the DSP chip must run at 7510 or 368 MHz. By 

taking advantage of the symmetry in the FIR filter, only half of the filter operations 

need to be performed. This means that 75 — 24 = 51 instruction cycles are needed 
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to implement the filter, with 27 of the 51 instructions being the setup overhead of 

the DSP program. This reduces the required DSP clock cycle to 250 MHz. A line 

of DSP chips which comes close to these requirements is the TMS320c6x from Texas 

Instruments. The TMS320c6201 chip has a clock speed of 200 MHz and an instruction 

cycle time of 5 nanoseconds. It is expected that a second generation TMS320c6x chip 

will have a clock speed of 250 MHz. The cost for one of these chips is around $100 

US each, and the entire DSP would be devoted to the filter implementation. 

However, if the multirate filter with a complexity of C = g-fo were used then the 

equivalent number of filter operations at the IS-95 sampling rate would be reduced 

to g. This means that this filter requires approximately 27 + g 24 = 36.5 instruction 

cycles per output sample, which only requires a DSP chip that is capable of a clock 

cycle of 179 MHz. A reduced clock rate requirement has two advantages. First, the 

use of a slower DSP means a cheaper solution. Second, if the same 250 MHz DSP is 

used, then the multirate solution would allow the DSP to implement extra functions 

during the latent cycle times at no extra cost. 

The IFIR filter with a complexity of C = fo shows some reduction in the number 

of filter operations, but not as substantial as the multirate filter. 

6.2 Implementation Using Altera Devices 

A hardware implementation of the filter algorithms was investigated using pro-

grammable logic devices from Altera Corporation. The Altera FLEX1OK series de-

vices were used in the simulations. The results of this portion of the investigation 

will determine which algorithm is best suited for a hardware implementation. 

6.2.1 PLD Setup 

The performance of a hardware implementation of the filter algorithms was ex-

amined by determining the performance of individual filter functions such as a single 

multiplier, a single adder, a combination of 2 multipliers and 1 adder, and an 8 bit im-

plementation of the IS-95 baseband FIR filter. By analyzing these blocks, predictions 

can be made regarding the cost of using PLDs for filter implementation. 

Programs were written using the Altera Hardware Design Language (AHDL) in 
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the MAXX+PLUS II development software supplied by Altera [16]. These programs 

took advantage of a Library of Parameterized Modules (LPM) supplied with the 

Altera software to specify and implement 24, 16, and 8 bit adders, and also 12 and 8 

bit multipliers [17]. These modules can be specified to have any number of input and 

output bits, and the design would be scaled accordingly. All that is needed in the 

AHDL program is a specification of a device, the type and number of LPM modules 

used in the device, the parameters of the LPM modules and how the LPM module 

input and output connections are connected within the device. 

The tadder.tdf program, included in Appendix C on page 147, was a simple 

implementation of the 1pm_add_sub module as a 2 input 24 bit adder with a 25 bit 

output [17]. The input pins of the _Ladder device were connected to the input pins 

of the LPM module, and the output pins of the LPM module were connected to the 

output pins of the _Ladder device. 

The single multiplier was implemented with the program l_mult.tdf as a 2 input, 

12 bit multiplier with one 24 bit output. The device was designed using the 1pm_mult 

LPM module. As in the adder, the input pins of the i_muit device are connected 

to the input pins of the LPM module and the outputs of the LPM module were 

connected to the output pins of the device. One set of the input pins was connected 

as a constant value. This constant represents the constant filter coefficient that would 

be used in a filter operation. 

The combined circuit of 2 multipliers and 1 single adder was implemented by the 

AHDL program system.tdf using 2 of the 1pm_mult modules specified for 12 bit input, 

24 bit output and 1 of the 1pm_add_sub modules specified for 24 bit input and 25 bit 

output. The input pins of this device were connected to the inputs of both 1pm_mult 

modules, with 1 set of input pins of each multiplier being connected as a constant 

value. The outputs of the 1pm_mult modules were connected to the inputs of the 

1pm_add_sub module and the output of the 1pm_add_sub module was connected to the 

output pins of the device. 

The IS-95 baseband FIR filter was implemented by the AHDL program is95_pld.tdf 

By taking advantage of the symmetry of the FIR filter, the circuit required a chain 
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of 48 shift registers for the delay elements, 24 adders, 24 multipliers, and 4 stages of 

adders, each stage consisting of 12 adders, 6 adders, 3 adders, and 2 adders. The shift 

registers were 8 bit modules and the multipliers were 8 bit input, 16 bit output mod-

ules. The adders were either 8 bit input, 8 bit output modules, or 16 bit input, 16 bit 

output modules. Ideally they should be 9 or 17 bit output modules to account for the 

addition of large numbers which could result in an extra bit, but for these simulation 

purposes, this setup was adequate. The input to the is95_pld device was connected 

to the input of the 48 shift register delay chain. The two samples in the delay chain 

which have the same corresponding symmetric filter coefficient were connected to the 

inputs of an 8 bit adder. The output of the adder was then connected to one of the 

inputs of a multiplier. The other input of the multiplier was connected as a constant 

to represent one of the symmetric 8 bit coefficients of the IS-95 baseband FIR filter. 

The output of the 24 multipliers was connected to the last 4 stages of 16 bit adders. 

The output of the last 16 bit adder was connected to the output pins of the is95_pld 

device. 

The purpose of implementing each of these devices was to determine an estimate 

of the propagation delay time and the approximate size in terms of the number of 

logic cells in an adder, multiplier, a combined circuit of 2 multipliers and 1 adder, 

and an FIR filter. 

6.2.2 PLD Simulation Results 

The AHDL files were compiled and tested using the MAX+PLUS II development 

software. By setting the Global Project Logic Synthesis Style to FAST, and the Global 

Project Logic Synthesis Optimize to 10 for minimum delay paths, the software created 

circuits which had the size and path delay times shown in Table 6.2.2. 

The Altera software is better at optimizing larger device descriptions than smaller 

device descriptions. This is the reason for the system and is95_pld devices having less 

than the expected number of logic cells and path delay times based on the single 

adder and single multiplier elements. The use of 8 bit and 16 bit modules in the 

is95_pld would also account for some of the reduction in the device size and expected 

path delay times. 
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Table 6.1 Size and maximum delay paths for a single 12 
bit adder, a single 12 bit multiplier, a combi-
nation of two 12 bit multipliers and one 12 bit 
adder, and an 8 bit implementation of the IS-95 
baseband filter 

PLD Circuit Logic Cells Used Maximum Path Delay 
1 _adder.tdf 25 27 ns 
1 _mult .tdf 142 41.2 ns 
system.tdf 189 40.7 ns 
is95_pld.tdf 2508 144.7 ns 

In general, the multiplier requires a larger number of Logic Cells in comparison 

to the adder. This indicates that the most important aspect of a hardware imple-

mentation of a digital filter is the number of non-zero multiplies that are required. 

The number of multipliers in a filter will dictate how fast and how large a PLD 

implementation will be. 

The IFIR filter would be advantageous in this situation. There are 31 non zero 

multiply operations, along with the requisite add operations, required to implement 

the IFIR filter. For the multirate filter, each filter stage requires its own number 

of multipliers. The total number of multiplies for the entire multirate filter is 38. 

This seems like a small difference between the number of multipliers in the multi-

rate filter and the IFIR, but the multirate filter also requires some special hardware 

considerations since it operates its subfilters at different sampling rates. 

The current cost of an Altera F1ex10K100 is about $200 US. This device has 4992 

logic cells which means the cost of 1 single logic cell is approximately $200/4992=$.04 

per logic cell. The cost of implementing the two different types of filters can be 

estimated by looking at the number of multiplies required by each filter. 

The IFIR filter is composed of 2 filter stages: G(z) and F(z). The propagation 

delay will depend on the largest filter. In this case G(z) is the largest with 24 sym-

metric coefficients. The delay can be estimated based on the delay of each add and 

multiply stage within G(z). The estimated delay is 27 + 40.7 + 27 + 27 = 121.7 ns or 
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a clock rate of 8.2 MHz which satisfies the IS-95 requirement for a 4.9152 MHz clock 

rate. 

The size of this circuit will be the combined size of filter G(z) and F(z). G(z) 

has 24 symmetric coefficients. This means that 12 adders need to be used to sum 

the samples with corresponding symmetric non-zero coefficients, along with 6 blocks 

which resemble the system block to do the 12 multiplies and 6 adds, and 2 subsequent 

stages of 3 adders, and 2 adders to produce an output sample. Similarly, F(z) would 

need 4 adder blocks, 2 system type blocks, and a single adder. By using Table 6.2.2, 

an estimate of the size and cost of an IFIR PLD implementation may be made. The 

total number of logic cells required by G(z) and F(z) is (12(25) + 6(189) + 5(25)) + 

(4(25) + 2(189) + 25) = 2062 logic cells and cost approximately .04(2062) = $83 US. 

The multirate filter is composed of 3 filter stages: Hd(z), Hk(z), and Hi(z). Since 

all 3 filter stages are operated at the lower sampling rate fo/2 by using the Noble 

Identities, then the delay path will depend on Hk(z) which has the most number of 

filter coefficients. Since Hk(z) has 24 symmetric coefficients, then the delay based 

on the multiply and add stages would be 121.7 ns or a maximum clock rate of 8.2 

MHz. This is the same as the IFIR filter because the number of coefficients of the 

longest filter stage is the same. Since this rate is at fo /2 then the maximum sample 

rate could actually be 16.4 MHz. 

The size of the multirate filter is dependent on the 3 filter stages Hd(z), Hi(z), 

and Hk(z). Since Hd(z) and Hi(z) have the same number of coefficients, then their 

size is the same. These two filter stages each have 4 symmetric coefficients, and each 

requires 4 adders for the samples with symmetric coefficients, along with 2 system 

type blocks, followed by an adder. The Hk(z) filter has 24 symmetric coefficients. 

This would require approximately 12 adders to sum the samples with corresponding 

symmetric non-zero coefficients, along with 6 blocks which resemble the system block 

to do the 12 multiplies and 6 adds, and 2 subsequent stages of 3 adders, and 2 adders. 

The total number of logic cells required would be 2(4(25) + 2(189) + 25) + (12(25) + 

6(189) + 5(25)) = 2565 and would cost approximately .04(2565) = $103 US. 

Both these estimates are based on the number of mathematical operations. The 
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multirate filter can be operated at a faster rate than the IFIR filter since its filtering 

operations are expected to run at a slower rate than the input sampling rate. However, 

there is no need to operate the filters faster than the required 4.9152 MHz sampling 

rate. The larger number of non zero coefficients in the multirate filter combined with 

the extra circuitry to allow for multirate operation would make the multirate filter 

more complicated to implement, larger, and more costly. Therefore the IFIR filter is 

a better structure to be used in a hardware PLD implementation. 



7. Summary and Conclusions 

Finite Impulse Response (FIR) filters can be used to implement linear phase filters. 

However, for steep transition band filters, with small pass band ripple and large stop 

band attenuation, the order of the FIR filter becomes very large, making it impractical 

in systems that are limited in computational power. In the IS-95 specification, the 

transmitter baseband filter required a 47th order FIR filter to meet the frequency 

response template. In a real system this would require that 48 multiplies and adds be 

performed for each output sample. Since each multiply requires a hardware multiplier, 

the large number of multipliers requires a large amount of silicon which results in a 

complicated, expensive component. It would be of great benefit if the number of 

multiplies per output sample could be reduced. 

In this thesis, a couple of different filtering schemes have been proposed to sig-

nificantly reduce the computational complexity of the filters, while at the same time 

meeting the frequency response template and maintaining linear phase. Both schemes 

involve the application of multirate principles to produce less computationally com-

plex filters with equivalent frequency and phase response. 

7.1 Summary of Proposed Filter Schemes 

The proposed filter schemes are an Interpolated FIR filter, and a single stage 

multirate filter. The IFIR filter is composed of two filters in cascade. Both cascaded 

filters operate at one sampling rate, but the filter coefficients are derived using multi-

rate concepts. The single stage multirate filter is composed of three stages in cascade; 

a decimation stage, a kernel filter, and an interpolation stage. These three stages are 

derived using multirate principles, and operate at different rates than the original 

input data sampling rate. The IFIR filter had a complexity of C = 31/0 which means 

that 31 multiply and add operations are required for one output sample. The single 

stage multirate filter had a complexity of C = 191o. Both filters met the requirements 
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of the IS-95 transmitter baseband filter template in terms of magnitude response and 

phase response. 

The filters may be implemented in two different ways; in a DSP processor or as a 

digital circuit on a PLD or ASIC. A DSP could be used to implement both the IFIR 

and the single stage multirate filter. However a DSP implementation would work 

best for the single stage multirate filter by taking advantage of the different sampling 

rates, and the sharing of multipliers and adders. The IFIR filter is suited for a silicon 

implementation. 

7.2 Conclusions 

This thesis has proposed two methods to reduce the complexity of the IS-95 trans-

mitter baseband filter. The IS-95 suggested an FIR filter with 48 coefficients that 

would meet the requirements. Since this filter is a single rate filter then the complex-

ity of this FIR filter is C = 481o. With the IFIR filter the complexity was reduced 

to C = 3110. This would reduce the area of the silicon in an ASIC implementation 

by g. The single stage multirate filter reduced the complexity to C = 1910. This 

means that the filter could be implemented with a DSP processor that runs g as fast 

as the one needed to implement a single rate filter. Put another way, implementing 

the multirate filter frees up N of the DSP processor. 
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A. Appendix A: MATLAB Programs 

The following are MATLAB programs that were used for the simulations discussed 
in Chapter 5. 

A.1 Single Stage Multirate Filter 
% SSTAGE.M 

Single Stage Multirate non-halfband filter for the IS-95 
Transmitter Baseband filter spec 

August 5, 1997 
By: Wing Kan Chan 

%Filter specifications 
Fo=4915200; %sampling frequency 
Fp=590000; %passband corner frequency 
Fs=740000; %stopband corner frequency 
dp=.122; %+/- 1 dB ripple in passband 
ds=.005623; %-45 dB attenuation in stopband 
M=2; %decimation and interpolation rate 

%Generate decimation filter hd for non halfband filter 
fol=Fo/M; %new sampling rate 
fdp=Fp; %new passband corner frequency 
fds=fol-Fs; %new stopband corner frequency 
ddp=dp/3; %1/3 of ripple in passband for hd, hi, hk 
dds=ds; %stopband ripple 

%Get the impulse response of the filter at original sampling rate Fo 
[Nd,Fd,Md,Wd]=remezord([fdp fds],[1 0],[ddp dds],Fo); 
Nd=Nd+4; %need a few orders more to fit specs 
%use remez to obtain impulses response 
hd=remez (Nd-1 ,Fd,Md ,Wd) ; 
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%Generate impulse response of kernel filter oerating at fol 
fkp=Fp; %passband corner frequency 
fks=Fs; %stopband corner frequency 
dkp=dp/3; %1/3 rippled shared by hd, hi, hk 
dks=ds; %at least stop band atten. 

%Determine filter specs required for remez 
[Nk,Fk,Mk,Wk]=remezord([flcp fks],[1,0],[dkp dks],fol); 
hk=remez (Nk-1,Fk ,Mk,Wk); %get the impulse response 

%Generate a varying frequency sinewave input signal 
L=M; %interpolation same factor as decimation 
N=M*1000; %length of the input sequence 
%length of the preamble to get filters into steady state 
%100 is more than enough samples to pass through the filter 
Np=M*100; 
n=[0:Np+N-1]; %number of samples in input sequence 
fo=1; %original sampling freq 
fwhite=[fo/N:fo/N:fo/2]; %frequency vector up to fo/2 

%Generate the input signal 
xw=0; %initialize input signal 
for f=fwhite, 
xw=xw+cos(2*pi*f*n); %add a cosine component to the signal 
end 
xw=xw+.5; %include the DC component 

%Filter the signal by the decimation filter 
xwl=filter(hd,l,xw); 

%Decimate the signal 
xw2=xwl (1:M:Np+N); 

%Pass signal through the kernel filter 
xw3=filter(hk,1,xw2); 
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%Upsample the signal 
m=[1:L:Np+N]; 
k=[1:(Np+N)/M]; 
x=zeros(1,Np+N); 
xw4=x; 
xw4 (m) =xw3 (k); 

%index for upsampled signal 
%index for upsampling the signal 
%initialize the resultant signal 

%upsample the signal 

%Pass the signal through the interpolation filter 
yw=filter(hd,l,xw4); 

%Remove the initial sample preamble 
yw(1:Np)=[]; 

%Find the spectra of the output using FFT, Scaling the FFT so that 
%a gain of 1 corresponds to 0 dB 
Yw=abs(fft(yw))/(N/2/M); 
%frequency scale vector normalized to 1/2 sampling rate 
f=[0:N-1]/N*2; 
%passband corner in terms of samples 
Ipass=round(.236*N/2+1); 
%stopband corner in terms of samples 
Istop=round(.296*N/2+1); 

%Plot the frequency magnitude response of the filter 
figure(1); 
subplot(211); 
plot(f,20*logl0(Yw)); axis([0 2 -60 5]); 
t=r Multirate filter Resp. of Ni=Nd=',num2str(Nd),' Nk=',num2str(Nk),... 
' L=M=',num2str(M)]; 
title(t); 
%xlabel('Normalized to fo/2'); 
ylabel('dB'); 
grid on; 

%figure(2); 
subplot(212); 
plot(41:Ipass),20*log10(Yw(1:Ipass))); axis([0 .25 -1 1]); 
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t=['Ripple in the passband of the Multirate filter L=M=',num2str(M)]; 
title(t); 
xlabel('Normalized to fo/2'); 
ylabel ('dB ') ; 
grid on; 

A.2 Single Stage Halfband Filter 
% SSTAGE_HB.M 

Single Stage Multirate halfband filter for the IS-95 
Transmitter Baseband filter spec 

August 5, 1997 
By: Wing Kan Chan 

%Filter specifications 
Fo=4915200; %sampling rate 
Fp=590000; %passband corner frequency 
Fs=740000; %stopband corner frequency 
dp=.122; %+/- 1 dB ripple in passband 
ds=.0056234; %-45 dB attenuation in stopband 

M=2; %interpolation and decimation rate 

%Generate decimation filter hd, and interpolation filter hk 
%with halfband filters, where passband and stopband corners are 
%symmetric around pi/2 

%symmetric frequency vector 
Fd=[0 2*Fs/Fo 2*(Fo/2-Fs)/Fo 1]; 
Nd=11; %Bellanger approximation of number of coefficients 
Md=[ 1 1 0 0]; %magnitude vector of the filter 
hd=remez(Nd-1,Fd,Md); %get impulse response 
hd(2)=0; hd(4)=0;hd(8)=0;hd(10)=0; 
%these are very close to zero, so 0 
%does not make a differnce in response 
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%generate kernel filter oerating at fol 
fol=Fo/M; %new sampling rate 
fkp=Fp; %passband corner frequency 
fks=Fs; %stopband corner frequency 
dkp=.08; %ripple value based on performance of hd, hk 
dks=ds; %at least stop band atten. 

[Nk,Fk,Mk,Wk]=remezord([fkp flcs],[1,0],[dkp dks],fol); 
hk=remez(Nk-1,Fk,Mk,Wk); %get impulse response 

%Generate a varying frequency sinewave input signal 
L=M; %interpolation same factor as decimation 
N=M*1000; %length of the input sequence 
Np=M*100; 
%length of the preamble to get filters into steady state 
%100 is more than enough samples to pass through the filter 
n=[0:Np+N-1]; %number of samples in input sequence 
fo=1; %original sampling freq 
fwhite=[fo/N:fo/N:fo/2]; %frequency vector up to fo/2 

%Generate the input signal 
xw=0; %initialize input signal 
for f=fwhite, 
xw=xw+cos(2*pi*f*n); %add a cosine component to the signal 
end 
xw=xw+.5; %include the DC component 

%Filter the signal by the decimator filter 
xwl=filter(hd, l,xw); 

%Decimate the signals 
xw2=xwl (1:M: Np+N) ; 

%Pass signal through the kernel filter 
xw3=filter(hk,1,xw2) ; 



121 

%Upsample the signals 
m=[1:L:Np+N];%upsampled index 
k=[1:(Np+N)/M];%upsampling index 
x=zeros(1,Np+N); 
xw4=x; xw4(m)=xw3(k);%upsample the signal 

%Pass the signal through the interpolation filter 
yw=filter(hd,l,xw4); 

%Remove the initial sample preamble 
yw(1:Np)=[]; 

%Find the spectra of the output using FFT, scaled so that 
%gain of 1 is 0 dB magnitude 
Yw=abs(fft (yw))/(N/2/M); 

f=[0:N-1]/N*2;%Frequency vector 

%passband corner in terms of sample number 
Ipass=round(.236*N/2+1); 
%stopband corner in terms of sample number 
Istop=round (.296* N/2+1); 

%Plot the frequency response of the filter 
figure(1); 
plot(f,20*logl0(Yw)); axis([0 2 -60 5]); 
t=['Multirate filter Resp. of Ni=Nd=',num2str(Nd),' Nk=',num2str(Nk),... 
' L=M=',num2str(M)]; 
title(t); 
%xlabel('Normalized to fo/2'); 
ylabel('dB'); 
grid on; 

figure(2); 
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plot(f(1:Ipass),20*loglO(Yw(1:Ipass))); axis([0 .25 -1.5 1.5]); 
t= ['Ripple in the passband of the Multirate filter L=M=',num2str(M)]; 
title(t); 
xlabel('Normalized to fo/2'); 
ylabel('dB'); 
grid on; 

A.3 Interpolated FIR and Halfband Interpolated FIR Filter 
%IFIR. M 

Matlab program to generate an IFIR filter using the IS-95 
specifications for the transmitter baseband filter. 

August 5, 1997 
By: Wing Kan Chan 

k=2; %Decimation Factor 
fo=1; %Normalized Sampling Frequency 

%Original IS-95 Filter specifications 
fp=590000/4915200*fo; %passband corner 
fs=740000/4915200*fo; %stopband corner 
%dp=.122; %1 dB original passband ripple 
%ds=.0056234; %-45 dB original stopband attenuation 
dp=.1885; %adjusted 1.5 dB passband ripple 
ds=.008; %adjusted -42 dB stopband attenuation 

%Low order Prototype filter G(z) specifications 
fpg=k*fp; %passband corner 
fsg=k*fs; %stopband corner 
dpg=dp/2; %passband ripple is shared between G(z) and F(z) 
%stopband attenuation is at least the specified attenuation 
dsg=ds; 
bg=fsg-fpg; %transition bandwidth 

%Use Bellangers approximation 
%estimate of the filter order 
Ng=2/3*log10(1/(10*dpg*dsg))/bg; 
Ng=ceil(Ng); %round to highest integer 
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%Generate the impulse response of the filter using REMEZ 
h=remez(Ng-1,[0 2*fpg 2*fsg 1],[1 1 0 0],[1/dpg 1/dsg]); 

%Insert delay between samples (zii) 
hg=zeros(size(1:k*Ng-1)); %make a zero vector for upsampling 
hg(1:k:k*Ng-1)=h; %upsample the impulse response 

%Anti-image filter F(z) specifications, non Halfband 
%fpf=fp; %passband corner 
%fsf=fo/k-fs; %stopband corner 
%dpf=dp/2; %passband ripple is shared 
%stopband attenuation is at least the specified attenuation 
%dsf=ds; 
%bs=fsf-fpf; %transition bandwidth 

%Use Bellangers approximation 
%Nf=2/3*log10(1/(10*dsf*dpf))/bs; 
%need to add a couple of orders to 
%fit the frequency template 
%Nf=ceil(Nf)+2; 

%Generate the impulse response 
%hf=remez(Nf-1,[0 2*fpf 2*fsf 1],[1 1 0 0],[1/dpf 1/dsf]); 

%Halfband specifications for F(z) 
fpf=fs; %passband corner for halfband filter 
fsf=fo/k-fs; %stopband corner for halfband filter 
dpf=ds; %passband ripple is shared 
%stopband attenuation is at least the specified attenuation 
dsf=ds; 
bs=fsf-fpf; %transition bandwidth 

%Order of the filter is approximately 11 from %Bellangers approxima-
tion 

Nf=11; 
hf=remez(Nf-1,[0 2*fpf 2*fsf 1],[1 1 0 0]); 
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%These are very close to 0 and setting them to 0 does 
%not change the response of the filler. 
hf(2)=0; hf(4)=0; hf(8)=0; hf(10)=0; 

%Make a varying frequency sinewave, ie a white input signal 
N=k*1000; %length of the input sequence 
%length of the preamble to get filters into steady state 
%100 samples is more than enough to go from input to output 
Np=k*100; 
n=[0:Np+N-1]; %number of samples in sequence 
fwhite, [fo/N:fo/N:fo/2]; %frequency vector from 0 to fs/2 

%Generate the swept frequency signal 
xw=0; 
for f=fwhite, 
xw=xw+cos(2*pi*f*n); %include the cosine at that frequency 
end 
xw=xw+.5; %add the DC component 

%Pass the white signal through the upsampled filter G(zk)
xl=filter(hg,l,xw); 

%Pass signal through the anti-imaging filter F(z) 
y=filter(hf,l,x1); 

%Remove the intial filter preamble 
x1(1:Np)=[]; 
y(1:Np)=[]; 

f=fo*[1:1\1]/N*2; %normalized frequency scale vector 
%scale the fft with 1/2 the number of samples 
Y=abs (fft (y))/ (N/2); 
X=abs(fft (x1)) / (N/2) ; %so that gain of 1 corresponds to 0 dB 
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%Plot the frequency magnitude response of the filter. 
figure(1); 
%subplot (211); 
plot(f,20*loglO(Y)); 
axis([0 2 -60 5]); 
t=['Response of IFIR C=',num2str(Ng),'+',num2str(Nf),', K=',num2str(k)]; 
title(t); 
ylabel('dB'); 
%set(gca,'xtick',[]); 
%set(gca,'ytick',[]); 
grid on; 

%Plot the passband ripple of the filter. 
figure(2); 
%subplot(212); 
plot (f,20*logl 0 (Y)) ; 
axis([0 .25 -1 1]); 
title('Ripple in Passband of the IFIR'); 
%xlabel('Normalized to fo/2'); 
ylabel('dB'); 
%set(gca,'xtick',[]); 
%set(gca,'ytick',[]); 
grid on; 

%Show the signal after first stage filter G 
%figure(3); 
%subplot (313); 
%plot(f,20*log10(X)); 
%axis([0 2 -60 5]); 
%title('After the G(zk)'); 
%xlabel('normalized to fo'); 
%ylabel('dB'); 
%grid on; 



B. Appendix B: DSP Assembly Code 

B.1 Assembly Code for the TMS320C4x DSP 
The following is the assembly code for the DSP processor. The code was generated 

from a C program compiled using the TMS320c4x C compiler supplied with the 
TMS320c40 board. 

********************************************** 

* TMS320C40 C COMPILER Version 4.60 
* Assembly code generated from a C program 
* Code has been optimized 
*********************************************** 

; C:/aspi/c30c/ac30.exe -v40 firfiltl.c firfiltl.if 
; C:/aspi/c30c/cg30.exe -v40 -o firfiltl.if firfiltl.asm firfiltl.tmp 
.version 40 
FP .set AR3 
.file "firfiltl.c" 
.file "c:/dsptools/lib/intpt40.h" 
.globl _int_vect_buf 
.globl _ivtp_buf 
.globl Avtp_buf 
.globl __vector 
.globl _chk_iif_flag 
.globl _set_iif_flag 
.globl _reset_iif_fiag 
.globl Joad_iif 
.globl _chk_iie 
.globl set_iie 
.globl _reset_iie 
.globl Joad_iie 
.globl _load_die 
.globl _dma_sync_set 
.globl _set_iiof 
.globl liofsn 
.globl _iiof_out 
.globl _inst allint _vector 
.globl _deinstall_int_vector 
.globl setivtp 
.globl _resetivtp 
.globl _set_tvtp 
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.globl _reset_tvtp 

.globl _st_value 

.globl 

.globl 

.globl _die_value 

.globl ivtp_value 

.globl _tvtp_value 

.file "firfiltl.c" 

.globl _c_int04 

.globl _h -

.globl sum 

.globl _clear 

.globl sample 

.globl _dummy 

.globl 

.sym _main,_main, 36,2,0 

.globl main 

.func 20 
****************************************** 

* FUNCTION DEF:main 
* Set up the DSP chip with appropriate values 
****************************************** 

main: 
PUSH FP 
LDI SP,FP 
ADDI 1,SP 
.line 14 
PUSH ARO 
.line 15 
PUSH DP 
.line 16 
LDI 30H,ARO 
line 17 
LSH 16,ARO 
.linel9 
IACK *ARO 
.line 20 
POP DP 
.line 21 
POP ARO 
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.line 25 
ANDN 2000H,ST 
.sym _dummy_read,1,4,1,32 
.line 26 
LDI @CONST+0,R0 
PUSH RO 
CALL setivtp 
SUBI 1,SP 
.line 28 
LDI 4,R0 
PUSH RO 
LDI @CONST+1,R1 
PUSH R1 
CALL install_int_vector 
.line 29 
SUBI 2,SP 
LDI 176,R0 
PUSH RO 
CALL load_iif 
SUB 1,SP 
.line 36 
LDA @CONST+2,ARO 
LDI *ARO,RO 
STI RO,*+FP(1) 
.line 39 
LDA @CONST+3,AR1 
LDI @CONST+4,R1 
STI R1,*AR1 
.line 42 
LDA @CONST+5,AR2 
LDI @CONST+6,R2 
STI R2,*AR2 
.line 45 
LDA @CONST+7,AR2 
LDI @CONST+8,R3 
STI R3,*AR2 
.line 47 
* here is timerl A 
.line 47 
LDI @CONST+9,R9 
STI R9,*ARO 
.line 51 
LDI @CONST+10,R10 
STI R10,*AR1 
.line 57 
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LDA @CONST+11,AR2 
LDI *AR2,R0 
STI RO,*+FP(1) 
.LINE 60 
LDA @CONST+12,AR2 
LDI @CONST+13,R11 
STI R11,*AR2 
.line 63 
LDA @CONST+14,AR2 
LDI @CONST+15,R11 
STI R11,*AR2 
.line 64 
*here is timer 1 B 
.line 65 
LDA @CONST+11,AR2 
STI R9,*AR2 
.line 66 
LDA @CONST+12,AR2 
STI R10,*AR2 
.line 69 
LDI @CONST+16,R11 
STI R11,*AR2 
.line 71 
STI R11,*AR2 
.line 79 
OR 2000H,ST 

LDI 48,BK 
LDI 8000H,R1 
LDI 0100H,R2 
LSH 16,R1 
ADDI R1,R2,R3 
LDI R3,AR4 
LDI 0200H,R2 
ADDI R1,R2,R3 
LDI R3,AR5 

.line 81 
LDF @CONST+17,R11 
STF R11,*AR4++ 
line 82 
LDF @CONST+18,R11 
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STF R11,*AR4++ 
.line 83 
LDF @CONST+19,R11 
STF R11,*AR4++ 
.line 84 
LDF @CONST+20,R11 
STF R11,*AR4++ 
.line 85 
LDF @CONST+21,R11 
STF R11,*AR4++ 
.line 86 
LDF @CONST+22,R11 
STF R11,*AR4++ 
.line 87 
LDF @CONST+23,R11 
STF R11,*AR4++ 
.line 88 
LDF @CONST+24,R11 
STF R11,*AR4++ 
.line 89 
LDF @CONST+25,R11 
STF R11,*AR4++ 
.line 90 
LDF @CONST+26,R11 
STF R11,*AR4++ 
.line 91 
LDF @CONST+27,R11 
STF R11,*AR4++ 
.line 92 
LDF @CONST+28,R11 
STF R11,*AR4++ 
.line 93 
LDF @CONST+29,R11 
STF R11,*AR4++ 
.line 94 
LDF @CONST+30,R11 
STF R11,*AR4++ 
.line 95 
LDF @CONST+31,R11 
STF R11,*AR4++ 
.line 96 
LDF @CONST+32,R11 
STF R11,*AR4++ 
.line 97 
LDF @CONST+33,R11 
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STF R11,*AR4++ 
.line 98 
LDF @CONST+34,R11 
STF R11,*AR4++ 
.line 99 
LDF @CONST+35,R11 
STF R11,*AR4++ 
.line 100 
LDF @CONST+36,R11 
STF R11,*AR4++ 
.line 101 
LDF @CONST+37,R11 
STF R11,*AR4++ 
.line 102 
LDF @CONST+38,R11 
STF R11,*AR4++ 
.line 103 
LDF @CONST+39,R11 
STF R11,*AR4++ 
.line 104 
LDF 1.0,R11 
STF R11,*AR4++ 

.line 81 
LDF 1.0,R11 
STF R11,*AR4++ 
.line 82 
LDF @CONST+39,R11 
STF R11,*AR4++ 
.line 83 
LDF @CONST+38,R11 
STF R11,*AR4++ 
.line 84 
LDF @CONST+37,R11 
STF R11,*AR4++ 
.line 85 
LDF @CONST+36,R11 
STF R11,*AR4++ 
.line 86 
LDF @CONST+35,R11 
STF R11,*AR4++ 
.line 87 
LDF @CONST+34,R11 
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STF R11,*AR4++ 
.line 88 
LDF @CONST+33,R11 
STF R11,*AR4++ 
.line 89 
LDF @CONST+32,R11 
STF R11,*AR4++ 
.line 90 
LDF @CONST+31,R11 
STF R11,*AR4++ 
.line 91 
LDF @CONST+30,R11 
STF R11,*AR4++ 
Jim 92 
LDF @CONST+29,R11 
STF R11,*AR4++ 
.line 93 
LDF @CONST+28,R11 
STF R11,*AR4++ 
.line 94 
LDF @CONST+27,R11 
STF R11,*AR4++ 
.line 95 
LDF @CONST+26,R11 
STF R11,*AR4++ 
.line 96 
LDF @CONST+25,R11 
STF R11,*AR4++ 
.line 97 
LDF @CONST+24,R11 
STF R11,*AR4++ 
.line 98 
LDF @CONST+23,R11 
STF R11,*AR4++ 
.line 99 
LDF @CONST+22,R11 
STF R11,*AR4++ 
.line 100 
LDF @CONST+21,R11 
STF R11,*AR4++ 
.line 101 
LDF @CONST+20,R11 
STF R11,*AR4++ 
.line 102 
LDF @CONST+19,R11 
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STF R11,*AR4++ 
.line 103 
LDF OCONST+18,R11 
STF R11,*AR4++ 
.line 104 
LDF OCONST+17,R11 
STF R11,*AR4++ 

Ll: 
.line 108 
B Ll 
EPIO_1: 
.line 110 
LDI *-FP(1),R1 
LDI *FP,FP 
SUBI 3,SP 
B R1 
.endfunc 129,000000000H,1 

.sym _c_int04,_c_int04,32,2,0 

.globl _c_int04 

.func 135 
******************************************** 

*FUNCTION DEF : _c_int04 
******************************************** 

_c_int04: 
PUSH ST 
PUSH FP 
LDI SP,FP 

.line 7 
LDA @CONST+5,ARO 
LDI *ARO,RO 
STI RO,a_clear 
*get a sample 
.line 18 
LDA OCONST+42,AR1 
LDI *AR1,R0 
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*loop 
FLOAT R0,R2 
STF R2,*AR5++ 

LDF 0,R1 
LDF 0,R2 

RPTS 47 
MPYF3 *AR4++ 
 ADDF3 R1,R2,R2 
ADF R1,R2 

*convert to 2s complement 
Jim 40 
FIX R2,R3 
NEGF R2,R9 
FIX R9 
NEGI R9 
LDILE R9,R3 

*output to ch 0 B 
.line 25 
LDA @CONST+43,AR1 
STI R3,*AR1 

*output to ch 1 B 
*.line 26 
*LDA @CONST+43,AR2 
*ST' RO,*AR2 

EPIO_2: 
.line 33 
POP FP 
POP ST 
RETI 
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.endfunc 167,00001070fH,0 

.sym _sample,_sample,54,2,1536,48 

.globl sample 

.bss sample,48 

.sym _h,_h,54,2,1536„48 

.globl h 

.bss h,48 

.sym _i,_i,4,2,32 

.globl 

.bss 3,1 

.sym _dummy,_dummy,4,2,32 

.globl _dummy 

.bss _dummy,1 

.sym _clear,_clear,5,2,32 

.globl _clear 

.bss _clear,1 

.sym _sum,_sum,6,2,32 

.globl _sum 

.bss sum,1 
**************************************** 

*DEFINE CONSTANTS 
**************************************** 

.bss CONST,45 

.sect ".cinit" 

.word 45,CONST 

.word 3145216 

.word _c_init04 

.word -1342176511 

.word -1342176505 

.word 917504 
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.word -1342176509 

.word 65536 

.word -1342176507 

.word 11665408 

.word -9961472 

.word -1543503872 

.word -1342176503 

.word -1342176497 

.word 12582912 

.word -1342176499 

.word 3276800 

.word -1912668160 

*coefficients for filter 
.float -2.5288315e-2 
.float -3.4167931e-2 
.float -3.5752323e-2 
.float -1.6733702e-2 
.float 2.1602514e-2 
.float 6.4938487e-2 
.float 9.1002137e-2 
.float 8.1894974e-2 
.float 3.7071157e-2 
.float -2.1998074e-2 
.float -6.0716277e-2 
.float -5.1178658e-2 
.float 7.874526e-3 
.float 8.4268728e-2 
.float 1.26869306e-1 
.float 9.4528345e-2 
.float -1.2839661e-2 
.float -1.43477028e-1 
.float -2.11829088e-1 
.float -1.40513128e-1 
.float 9.4601918e-2 
.float 4.4138714e-1 
.float 7.8587564e-1 

.word sample 

.word 

.word -1342176512 

.word -1342176504 
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.word -1342176500 

.end 



C. Appendix C: AHDL Code 

The following are the three Altera PLD design files used to simulate a single 24 
bit adder, a single 12 bit multiplier, a system of 2 multipliers and 1 adder, and the 
IS-95 FIR filter. 

C.1 l_adder.tdf 
INCLUDE "lpm_add_sub.inc"; 

%specify number of input and output bits% 
PARAMETERS 

( 
widthin=24, 
width_out=25; 

); 

%specify the function of each port% 
SUBDESIGN Ladder 

( 
xlin[widthin..1] :INPUT; 
x2in[wdithin..1] :INPUT; 
aclr :INPUT; 
y[width_out..11 :INPUT; 

%specify functionality of each element% 
VARIABLE 
addl :lpm_add_sub WITH 

(LPM_WIDTH=widthin); 

%specify pin connections% 
BEGIN 
add 1. aclr=aclr; 
addl .dataa0 =xlin []; 
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addl .datab[]=x2in []; 
y [width in..1] = addl .result []; 
y[width_out]=addl.overflow; 
END; 

C.2 l_mult.tdf 
INCLUDE "lpm_mult.inc"; 

%specify number of input and ouput bits% 
PARAMETERS 

( 
widthin=12, 
width_out=24 

); 

%constant valued coefficient% 
CONSTANT const=B"001101000111"; 

%specify function of each port% 
SUBDESIGN l_mult 

( 
%specify function of the pins% 
xin[widthin..11 :INPUT; 
aclr :INPUT; 
y[width_out..1] :OUTPUT; 

%specify functionality of each element% 
VARIABLE 
mult: 1pm_mult WITH 

(INPUTA_CONSTANT="YES", 
LPM_REPRESENTATION="SIGNED", 
LPM_WIDTHA=widthin, LPM_WIDTHB=widthin, 
LPM_WIDTHP=width_out, LPM_WIDTHS=width_out); 

%specify pin connections% 
BEGIN 
mult.aclr=aclr; 
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mult.dataa[]=xin[]; 
mult.datab[]=const; 
y[]=mult.result[]; 
END; 

C.3 system.tdf 
INCLUDE "lpm_add_subb.inc"; 
INCLUDE "lpminult.inc"; 

%specify number of input and output bits% 
PARAMETERS 

( 
widthin=12, 
width in _adder=24, 
width_out=25 

); 

%constant valued coefficients% 
CONSTANT const1=B"100110100011"; 
CONSTANT const2=B"001101000111"; 

%specify the function of each port% 
SUBDESIGN system 

( 
xlin[width_im..1] :INPUT; 
x2in[widthin..1] :INPUT; 
aclr :INPUT; 
y[width_out..11 :OUTPUT; 

%specify functionality of each element% 
VARIABLE 
addl: 1pm_add_sub WITH 

(LPM_WIDTH=widthin_adder); 
multa: 1pm_mult WITH 

(LPM_REPRESENTATION="SIGNED", 
INPUTBIS_CONSTANT="YES", 
LPM_WIDTHA=width_in, LPM_WIDTHB=widthin, 
LPM_WIDTHP=widthin_adder, 
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LPM_WIDTHS=widthin_adder); 
multb: 1pm_mult WITH 

(LPM_REPRESENTATION="SIGNED", 
INPUT_IS_CONSTANT="YES", 
LPM_WIDTHA=widthin, LPM_WIDTHB=widthin, 
LPM_WIDTHP=widthin_adder, 
LPM_WIDTHS=widthin_adder); 

%specify the pin connections% 
BEGIN 
addl.aclr=aclr; 
multa.aclr=aclr; 
multb.aclr=aclr; 
multa.data4=xlin[]; 
multa.databH=constl; 
multb.dataa[]=x2in[]; 
multb.datab[]=const2; 
addl.dataaD=multaxesult[]; 
addl.databH=multb.result[]; 
y[widthin_adder..1]=add1.result[]; 
y[width_out]=addl.overflow; 
END; 

C.4 is95_pld.tdf 
INCLUDE "Ipm_mult.inc"; 
INCLUDE "lpm_ff.inc"; 
INCLUDE "lpm_add_sub.inc"; 

%specify number of input and output bits% 
PARAMETERS 

( 
widea=8, 
wideb=8, 
wideout=widea+wideb 

); 

%coefficients of IS-95 normalized to 8 bits signed% 
CONSTANT m1=B"11111101"; 
CONSTANT m2=B" 11111100" ; 
CONSTANT m3=B" 11111011"; 
CONSTANT m4=B"11111110"; 
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CONSTANT 
CONSTANT 
CONSTANT 
CONSTANT 
CONSTANT 
CONSTANT 
CONSTANT 
CONSTANT 
CONSTANT 
CONSTANT 
CONSTANT 
CONSTANT 
CONSTANT 
CONSTANT 
CONSTANT 
CONSTANT 
CONSTANT 
CONSTANT 
CONSTANT 
CONSTANT 

m5=B" 00000011" ; 
m6=B" 00001000"; 
m7=B" 00001100" ; 
m8=B" 00001010" 
m9=B" 00000101"; 
ml0=B"11111101"; 
m11=B"11111000"; 
ml2=8"11111001"; 
ml 3=B" 00000001" ; 
ml 4=B" 00001011"; 
m 15=B" 00010000" ; 
ml 6=B" 00001100" ; 
m17=B"11111110"; 
m18=B"11101110"; 
ml 9=B" 11100101"; 
m20=B"11101110"; 
m21=B" 00001100" ; 
m22=B" 00111000"; 
m23=B"01100100"; 
m24=B"01111111"; 

%specify functions of each port% 
SUBDESIGN is95_pld 

( 
xin[widea-1..0] :INPUT; 
clk :INPUT; 
reset :INPUT; 
yout [wideout-1..0] :OUTPUT; 

%specify functionality of each element% 
VARIABLE 
sr[48..1]: 1pmff WITH 

(LPM_WIDTH=widea); 
addl[24..1]: 1pm_add_sub WITH 

(LPM_WIDTH=wideout); 
add2[12..1]: 1pm_add_sub WITH 

(LPM_WIDTH=wideout); 
add3[6..1]: 1pm_add_sub WITH 

(LPM_WIDTH=wideout); 
add4[3..1]: 1pm_add_sub WITH 

(LPM_WIDTH=wideout); 
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add5[2..1]: 1pm_add_sub WITH 
(LPM_WIDTH=wideout); 

mult[24..1]: 1pm_mult WITH 
(INPUTA_IS_CONSTANT="YES", 
LPM_REPRESENTATION="SIGNED", 
LPM_WIDTHA=widea, LPM_WIDTHB=wideb, 
LPM_WIDTHP=wideout, LPM_WIDTHS=widea); 

outsr: Ipm_ff WITH 
(LPM_WIDTH=wideout); 

%specify pin connections% 
BEGIN 
sr[].sclr=reset; 
sr[].clock=c1k; 
outsr.sclr=reset; 
outsr.clock=clk; 
sr[1].data[]=xin[]; 

%generate necessary pin connections using loops% 
FOR i IN 1 TO 47 GENERATE 
sr [i+1] .data []=sr [i] .q[] ; 
END GENERATE; 

FOR n IN 1 TO 24 GENERATE 
addl [n] .dat aa [] =sr [n] .q [] ; 
addl [n] .datab[]=sr[49-n] .q[] ; 
mult [n].datab[]=addl [n] .result u ;
END GENERATE; 

mult[1].dataa=ml; 
mult [2] .dataa=m2; 
mult [3] .dataa=m3; 
mult [4] .d at aa=m4; 
mult [5] .dataa=m5; 
mult [6] .dataa=m6; 
mult [7] .dataa=m7; 
mult [8] .dataa=m8; 
mult [9] .dataa=m9; 
mult [10]. dataa=m10; 
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mult[11].dataa=mll; 
mult [12] .dataa=m12; 
mult [13] .dataa=m13; 
mult [14] .dataa=m14; 
mult [15] .dataa=m15; 
mult [16] .dataa=m16; 
mult [17] .dataa=m17; 
mult [18] .dataa=m18; 
mult[19].dataa=m19; 
mult [20] .dataa=m20; 
mult [21] .dataa=m21; 
mult [22] .dataa=m22; 
mult [23] .dataa=m23; 
mult [24] .dataa=m24; 

FOR m IN 1 TO 12 GENERATE 
add2[m].dataa[]=mult[m].result[]; 
add2[m].datab[]=mult[25-m].result[]; 
END GENERATE; 

FOR k IN 1 TO 6 GENERATE 
add3[k].dataa[]=add2[k].result; 
add3[k].datab[]=add2[13-k].result[]; 
END GENERATE; 

FOR p IN 1 TO 3 GENERATE 
add4[p].dataa[]=add3[p].result[]; 
add4[p].datab[]=add3[7-p].result[]; 
END GENERATE; 

add5 [1] .dataa[]=add4[1] .result [] ; 
add5 [1] .dat ab [] =add4 [2] .result []; 
add5 [2] .dataa[]=add5[1] .result [] ; 
add5[2].datab[]=add4[3].result [] ; 
outsr. data[]=add5 [2] .result []; 
yout []=outsr.q[] ; 
END; 
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