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Abstract 

In a band limited direct-sequence (DS) spread-spectrum (SS) code division multiple access 

(CDMA) system, the signal to co-user noise ratio (SNR) is determined by the frequency re-

sponses of the transmit and receive band limiting filters and the spectral shape of the spreading 

function. To optimize the SNR, it is important that the transmit and receive filters be phase 

matched and the in-band portion of the spectrum of the spreading function be whitened by the 

magnitude responses. In practice, the tolerances of the electronic components in the transmit 

and receive filters make it difficult if not impossible to phase match the filters, especially in the 

wide band systems where digital signal processing can not be used to implement band limiting 

filters. 

This thesis suggests a method of generating a spreading function that has a flat portion in 

the mainlobe of its spectrum and reasonable sidelobe rolloff. Compared with a conventional 

binary PN code spreading function, such a spectrum of the proposed spreading function results 

in a larger SNR, at the same time it is more immune to phase mismatch in the transmit and 

receive filters. The proposed spreading function can also be incorporated in a practical system 

as it does not require four quadrant multipliers. 
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Introduction 

1.1 Overview of Spread Spectrum 

Conventional communication systems are concerned with the efficiency with which 

these systems utilize signal energy and bandwidth. These are legitimate concerns, and in 

most communication systems are of paramount importance. However, there are situations 

where other things are perhaps just as important. It may be necessary for the system to 

resist external interference or to operate with a low-power spectral density or to provide 

multiple-access capability, or to make it difficult for an unauthorized receiver to observe 

the message. In such situations, it may even be appropriate to sacrifice the efficiency 

aspects of the system to enhance these other features. Spread spectrum techniques 

facilitate such trade offs. 

Spread spectrum systems have been in existence, primarily in military use, since about 

the mid-1950's. The initial applications have been in antijamming tactical communica-

tions, guidance systems, experimental antimultipath systems, and other applications [1]. 

A communication system is considered a spread spectrum system if the following 

three criteria [2] are satisfied: 

1. The bandwidth of the transmitted signal must be much greater than the message 

bandwidth; 

2. The spreading of the spectrum is accomplished by means of a code which is inde-

pendent of the information data; 

3. Synchronized reception with the code at the receiver is used for despreading and 

subsequent data recovery. 

Under this definition, standard modulation schemes such as FM and PCM which also 

spread the spectrum of an information signal do not qualify as spread spectrum modu-

lation. While they do satisfy condition 1, they do not satisfy conditions 2 and 3. 
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Figure 1.1 Conceptual diagram of a DS-SS system 

There are three basic types of techniques to spread a spectrum, Direct Sequence (DS) 

modulation in which a fast pseudorandom sequence causes phase transitions in the carrier 

containing data, Frequency Hopping (FH) modulation, in which the carrier frequency is 

shifted pseudorandomly, and Time Hopping (TH) modulation, where bursts of the signal 

are sent at pseudorandom times. Hybrid combinations of these techniques are frequently 

used. 

Figure 1.1 shows a conceptual diagram of a direct sequence spread spectrum (DS-

SS) system. In this system the data is directly modulated (spread) by a high frequency 

pseudonoise (PN) or pseudorandom sequence before being modulated by the carrier for 

transmission. After the spreading, the spread data occupies the bandwidth of the PN 

code sequence, which will typically be much wider than the bandwidth of the data. The 

receiver which knows the spreading PN code sequence used by the transmitter can acquire 

the phase of the code sequence and demodulate (despread) the spread spectrum signal 

accordingly. 

Figure 1.2 shows a functional block diagram of a frequency hopping spread spectrum 

(FH-SS) system. In a conventional system, the up-conversion frequency or carrier fre-

quency is usually constant. In a FH system, this carrier frequency is hopped randomly. 

The carrier frequency is set by a PN code. The PN generator produces a serial stream 
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Figure 1.2 Functional diagram of a FH-SS system 

which is transformed by a logic circuit into a digital word. The digital frequency syn-

chronizer generates a carrier with a different frequency for each of the different values 

of the digital word. Thus the carrier hopped in a pattern determined by the PN code. 

The bandwidth of the transmitted signal is really only twice that of the data, which is 

the same as a conventional system. However, with hopping the transmitted signal can 

occupy a very wide spectrum. 

In a time hopping spread spectrum (TH-SS) system, a time-hopping waveform is 

illustrated in Figure 1.3. The time axis is divided into intervals known as frames, and 

each frame is subdivided into M times slots. During each frame, one and only one 

time slot will be modulated with a message by any reasonable modulation method. The 

particular time slot that is chosen for a given frame is selected by means of a PN code 

generator. All of the message bits accumulated in the previous frame are transmitted in 

a burst during the selected time slot. To quantify this concept, let 

Tf = frame duration, 

k = number of message bits in one frame, 

= bit period. 

The width of each time slot in a frame is Tf /M and the width of each bit in the time 
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Figure 1.3 Time-hopping waveform 

slot is Tj/kM, which is simply tm /M. This indicates that the transmitted signal band-

width is 2M times the message bandwidth, and hence the spectrum of the transmitted 

signal is spread by time-hopping. 

No matter which SS technique is used, the intended receiver must employ a synchro-

nized replica of the PN code sequence in order to despread the received signal successfully. 

The process of synchronizing the locally generated PN code sequence with the received 

signal is usually accomplished in two steps, as shown in Figure 1.4 [2]. The first step, 

called acquisition, consists of bringing the two PN code sequences into coarse alignment 

with one another. Once the locally generated code is approximately aligned with the 

code embedded in the incoming signal, the next step, called tracking, is used to refine 

the alignment and maintain this alignment over time. 

In recent years, there has been an even greater interest in understanding both the 

capacities and limitations of spread spectrum techniques for commercial applications. 

Entirely new opportunities such as wireless LAN's, personal communication networks, 

and digital cellular radios have created the need for research on how spread spectrum 

systems can be "reoptimized" for the most efficient use in in-building, out-door urban 

and suburban environments. 

With increased need for communication, and with a "fixed" available spectrum, there 

is a pressure to use this spectrum more effectively. In certain environments, for example 
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the urban cellular environment, spread spectrum techniques make more efficient use of 

spectrum and allow more users per Hz of available bandwidth. 

Up until fairly recently, most of the interest in spread spectrum was in a military 

scenario. However, once the threat of having to design a system which is capable of 

combating an intelligent adversary is removed, one can consider ways of improving the 

receiver design to make the system more efficient and more practical for commercial 

application. Indeed, the new design philosophy emphasize spectral efficiency, power 

efficiency, cost, and reliability. 

In the many applications where spread spectrum communications is used in civilian 

applications, code division multiple access (CDMA) appears to be very popular. This 

is especially true in what is arguably the hottest topic in communications today, mo-

bile communications. In such situations, multipath is often a fundamental limitation 

to system performance, and spread spectrum techniques are effective at combating the 

multipath effects. In addition, since spread spectrum is obtained by the use of noise-like 

signals, where each user has a uniquely addressable code, privacy is inherent. 



1.2 Objectives of Thesis 

The FCC standards for indoor mobile wireless telecommunication systems have yet 

to be set, however, direct-sequence spread spectrum with code division multiple access is 

being seriously considered and has received considerable attention in the recent literature 

[3, 4, 5, 6]. The performance of a DS-SS CDMA system with various digital modula-

tion such as BPSK, QPSK, O-QPSK, and MSK has been evaluated under a variety of 

constrains and conditions [7, 8, 9, 10, 11, 12, 13, 14, 15]. 

It was concluded in [15] that the spectral shape of the spread spectrum in a DS-SS 

CDMA system has significant effect on the capacity of the system. It was also shown that 

the band limiting filters used to shape the in-band portion of the spectrum and to reject 

the out-of-band portion of the spectrum impact the system capacity. The capacity is 

maximized when the transmit and receive filters are exactly phase matched, and whiten 

the in-band portion of the spread spectrum under some assumptions, such as large spread-

ing gain, long random binary code, and coherent detection. Perfectly matched filters can 

be implemented with digital signal processing (DSP) techniques, however, they are much 

more difficult to be implemented with analog techniques. In systems that occupy large 

bandwidths, the filters must be implemented with analog techniques. Such systems are 

sure to introduce capacity degradation due to phase differences between the transmit 

and receive filters. This degradation can be minimized, or at least improved, by using a 

spreading function that is spectrally friendly to the transmit and receive filters. To be 

spectrally friendly the spread signal must have relatively little power at the frequencies 

where the transmit and receive filters have a phase mismatch. 

In [7, 9, 13], comparisons of rectangular and sine waveforms for a DS-SS system 

over a multipath fading channel were made. It turned out that the sine pulse gives 

slightly better performance (probability of bit error) than the rectangular pulse. There 

is also a method called multi-h modulation [16], which generates a power efficient spread 

spectrum. Unfortunately this method requires a very complex receiver. 

Some research has been done on DS-SS multiple-access communication systems that 

use deterministic, complex (nonbinary and polyphase) sequences [17, 18, 19, 20]. In these 

systems, both the carrier magnitude and phase are modulated by a complex-valued sig-
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nature sequence [21, 22, 23, 24]. It is well known that polyphase sequences, such as the 

Frank-Zadoff-Chu (FZC) sequences [22], [23], have excellent auto- and cross-correlation 

properties. Recent progress in the near-optimal 4-phase sequence showed that complex 

sequences can be 3 dB better than binary Gold sequences in the maximum periodic 

correlation parameters [21]. It was also shown that the improvement in sequence correla-

tions provided by the complex sequences readily transfers into an improvement of system 

performance [20]. However, it has been suggested in [20] that under simplistic Gaussian 

approximation, i.e., the multi-user interference is modeled as a Gaussian random variable, 

random complex sequences and random binary sequences will have similar performance. 

Based on the conclusions made in [15], the properties of the correlation functions for the 

complex-valued sequences fail to be useful for improving the system performance (signal 

to noise ratio) of a band limited DS-SS CDMA system. 

The main objectives of this thesis are to investigate the following three aspects of a 

CDMA system that provides in-building, wireless, personal communication service: 

1. Generate a spreading function with a wide, flat in-band spectral density and a 

reasonable out-of-band rolloff that is somewhat immune to the effect of phase dif-

ferences in the transmit and receive filters; 

2. Compare the performances of the proposed spreading function, the spreading func-

tion used in "IS-95" standard and a conventional binary PN code spreading function 

in a wide band application; 

3. In systems restricted to using simple "switching" type multipliers, analyze the effect 

of the transmit and receive filters in a band limited DS-SS CDMA system. Also 

compare the performances of the three spreading functions, which were mentioned 

in objective 2, in such a system. 

1.3 Thesis Organization 

In addition to this introductory chapter, the thesis is divided into six other chapters. 

Chapter 2 presents the principles of a direct sequence spread spectrum system. It 

discusses code generation, the spectral density of spread signal, as well as some other 
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important properties. 

Chapter 3 describes environmental factors, which effect the design and operation 

of an indoor mobile wireless communication system. First a description of an indoor 

environment is given, and then a channel model is proposed. Finally various diversity 

techniques for a multipath fading channel, especially the RAKE receiver method, are 

offered. 

Chapter 4 deals with the performance (signal to noise ratio) analysis of a direct 

sequence spread spectrum multiple access system with band limiting filters in an indoor 

multipath environment. The effect of the spreading function and the band limiting filters 

used in the system is also explained. 

Chapter 5 is devoted to developing a new spreading function based on the conclusions 

made in the Chapter 4. With the proposed spreading function, improvements in the 

system performance in both narrowband and wideband applications are discussed. 

Chapter 6 analyses theoretically the change in system performance when the multi-

pliers used in the system are restricted to "switching" type multipliers as opposed to four 

quadrant multipliers. Surface acoustic wave (SAW) filters are proposed for optimizing 

the performance. The advantages and disadvantages of these filters are discussed. The 

chapter closes with a more detailed comparison between a system employing the proposed 

spreading function and a system employing the conventional binary PN code spreading 

function. 

The thesis ends with Chapter 7 which contains the conclusions. 
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Principles of a DS-SS System 

Since the system of interest in the thesis is a direct sequence spread spectrum (DS-SS) 

system, a more detailed discussion on DS-SS modulation and demodulation is appropri-

ate. Section 2.1 describes the generation of the spreading code and statistical properties 

of the code, while Section 2.2 analyses the mechanism for spreading and despreading. 

Finally, Section 2.3 demonstrates the robustness of DS-SS modulation to antijam, inter-

ference, and multiple access through application examples. 

2.1 Spreading Codes 

A spreading code is a ±1 binary valued, periodic pseudonoise (PN) sequence. As 

introduced in the previous chapter, such a sequence plays key role in CDMA spread 

spectrum systems. For a spread spectrum system, the PN code sequence should posses 

certain desirable properties such that it can be easily generated, and yet has well behaved 

autocorrelation and crosscorrelation properties. 

There are many different classes of periodic PN sequences. Of these the ones that 

can be generated by shift registers are of the greatest practical importance. In the next 

two subsections, the generation and properties of such PN sequences will be given. 

2.1.1 PN Code Generation 

A very popular PN sequence is the maximal-length linear shift register sequence (m-

sequence), because these sequences can be easily generated with linear shift registers 

with a relatively small number of stages. Such a generator is shown in Figure 2.1, where 

there are m stages in the shift register which are connected in cascade. The outputs of 

certain stages are added together modulo-2 and are fed back to the input. All stages 

of the shift register are clocked simultaneously, and each time a clock pulse occurs, a 

new binary digit appears at the output. The sequence of binary digits at the output of 

the circuit shown in Figure 2.1 only becomes an m-sequence with length 2m — 1, when 
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mod 2 

PN Sequence 

Clock Pulse 

Figure 2.1 Generation of a m-sequence 

certain feedback connections are made. There are only relative few connections that lead 

to an m-sequence. The most notable property of an m-sequence is that it is periodic with 

period 2' — 1 and has a triangular autocorrelation function. 

Figure 2.2 is an example of a PN code generator which uses a 5-stage shift register. 

The generator shown is called a (2,5) generator which means feedback connections are 

taken after the second and the fifth stages. When the shift registers are loaded with 

any set of binary digits except all zeros, the output sequence has a random appearance, 

but repeats after a period of 31 chips. If the shift register is loaded with zeros then the 

output remains zero. 

2.1.2 PN Code Properties 

There are five basic properties that can be found in any maximal length PN sequence 

[25]. Properties 1, 4, and 5, in particular, are very useful in their application to SS 

systems. 

Property 1 — Balance property: In every period the number of ones differs from the 

number of zeros by exactly one. Hence the length N of a period is an odd number. The 

number of ones in a period is 2(N + 1). 

Property 2 — Shift-and-Add property: If an m-sequence is added modulo-2 with any 

phase shift of the same sequence, the sum is another phase of the same m-sequence. 

Property 3 — Sliding Window property: If a window of width in (identical to the 

number of the stages of shift register) is slid along the sequence N times, each m-tuple 

except the all zero m-tuple appears exactly once. 

Property 4 — Run property: A run is defined as a subsequence of identical symbols 

10 



mod 2 

PN Sequence 

Clock (period =T,, ) 

(a) m-sequence generator (m=5) 

11111 11010 11101 

01111 10101 01110 

00111 01010 10111 

10011 10100 11011 

11001 01000 01101 

01100 10000 00110 

10110 00001 00011 

01011 00010 10001 

00101 00100 .11000 

10010 01001 11100 11110 

(b) states of shift register stages 

.f ft- chip, T, 
Tr -  - I-

 Period — 25 — 1  

(c) maximal length PN sequence 

Figure 2.2 (2,5) sequence 
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within the sequence. The length of this subsequence is the length of the run. Then, for 

any m-sequence there is 1 run of ones of length m, 1 run of zeros of length m — 1, 1 run 

of ones and 1 run of zeros of length m 2, 2 runs of ones and 2 runs of zeros of length 

m — 3, 4 runs of ones and 4 runs of zeros of length m — 4, ..., and 2m-3 runs of ones and 

2m-3 runs of zeros of length 1. 

Property 5   Correlation property: The discrete correlation function of an m-

sequence, R(k), is two-valued. It can be described by 

R(k) = 
1 

N+1 

N 
E anan+k
n=1 

k = iN 

k iN 
(2.1) 

where i, 1 are any integers, an = +1 is the chip value and N is the period of the sequence, 

i.e., N = Tri —1 and due to the periodicity a, = aN+Ti. 

A signal p(t), suitable for use in a SS system, may be constructed from a PN sequence 

as follows: 
00 

p(t) = E anf (t — nT0) (2.2) 
n=—oo 

where an is a sequence of binary valued random variables, making up the PN sequence, 

T, is the chip period, and 

f(t) = 
1 ; 0 < t < T, 

0 ; otherwise. 
(2.3) 

The autocorrelation function of p(t), Rp(r), may be defined and expressed as [26]: 

Rp(r) — 
1 

Jo NT, 13 
p(t)p(t -I- r)dt 

1 1 — W(i. + -71\7) ; 0 < ITI 5_ 7', 

—N ; Tc 5_ 171 5._ (N — 1)T0. 
(2.4) 

This autocorrelation function is illustrated in Figure 2.3. 

Since Rp(r) is periodic, its power spectral density, Sp(f), is a line spectrum with the 
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power at a line equal to the respective Fourier series coefficient, i.e., 

oo 
E rn,b(f — nF,) (2.5) Sp(f) = 

n=-oo 

where F = —1 and {rn} is the set of Fourier series coefficients given by NTe

1• n = 0 N ,
rn = (sinC*1 2 n O. 2N 722Lr-

This power spectral density is shown in Figure 2.4. 

(2.6) 

2.2 Spreading and Despreading Mechanism 

As introduced in the Chapter 1, in a DS-SS system the information signal m(t), with 

a data rate R = Tbits/s, can be spread by multiplying by a PN function p(t), with a 
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chip rate R, = , in the transmitter, and despread by multiplying again by an identi-

cally synchronized PN function in the receiver. These processes can be explained in the 

frequency domain. Since multiplication in the time domain corresponds to convolution 

(*) in the frequency domain: 

m(t) .;=> Sm(f) 

p(t) Sp(f) 

m(t)p(t) <=> Sm(f) * Sp(f) 

and the power spectral density of the baseband signal m(t), which represents random 

binary data, is 

S7,2(f) 
T (sin (7r fT)) 

f T
(2.7) 

Hence, after convolution each discrete spectral line of the PN function shown in Figure 2.4 

becomes a sinc function centralized at each discrete spectral line, i.e., 

T) 

co 
n 71-f ) 

2 

Sm(f)* Sp(f) = T 
si 

( f T * L r..5(f — nFc) 
n=-0o 

oo sin 7r(f nF,)T) 2E rn T ( 
n=—co . (f nF,)T • 

(2.8) 

This power spectrum will have a shape that depends on the relative size of R and 

Fc. In the case when R is less than -122c- = 2NT 
  the spread spectrum is a series of sinc 

functions weighted by the corresponding discrete spectral lines. However, for typical 

commercial mobile wireless systems, where T < NT,, i.e., R > NTH = Fc, the resulting 

spectrum will merge into a continuous smooth spectrum approximately the same as the 

power spectrum of a randomly binary spreading function with the chip rate Rc, i.e., 

sin (71- fT,)) 2
Sm(f) *  Self) T, 7r f  (2.9) 

So the power spectrum of the spread baseband signal is essentially spread to that of the 

PN function. The spreading process is illustrated in Figure 2.5 with the time waveforms 
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Tc 
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fC 

spread spectrum signal 

Figure 2.5 DS-SS modulation 

(edge synchronized) on the left and corresponding PSDs on the right. 

At the synchronized DS-SS receiver, the received signal with modulation m(t)p(t) 

is multiplied by a replica of the spreading function p(t) and the product is integrated 

over the bit interval, T. This integration may be accomplished by a filter with a band-

width of about T Hz. The key step of reducing the DS-SS signal bandwidth back to the 

bandwidth of the information signal, is the synchronous multiplication. The despread-

ing results from multiplying the input wideband modulated message m(t)p(t), by the 

perfectly synchronized local replica p(t). The result can be expressed as 

(m(t)p(t)) p(t) M(t ) (P(t )) 2

_= m(t) (±1)2

= m(t) 

It indicates that the information signal is recovered after despreading. Integration over 

the bit interval yields the original signal. 

2.3 Applications of Spread Spectrum Signals 

DS-SS offers a number of advantages over other modulation/demodulation techniques. 

First, it provides a greater immunity from jamming, interference, and multipath distor-
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Figure 2.6 Antijam process of a SS system 

tion. Furthermore, the spreading is typically designed such that the DS-SS signal is 

transparent to other users. Hence the probability of being detected (or intercepted) is 

extremely low, which may be of importance in covert military applications. In addition, 

multiple DS-SS signals can simultaneously share the same frequency band. The simulta-

neous sharing of bandwidth using DS-SS signals is known as code division multiple access 

(CDMA). The above mentioned advantages make DS-SS a candidate for communications 

in today's congested frequency spectrum. 

2.3.1 Antijam Capability 

In a properly synchronized DS-SS receiver, the received signal is multiplied by a 

perfectly matched replica of the PN function used at the transmitter. This despreads 

the received signal by reducing the signal bandwidth from that of p(t) to that of the 

information signal, m(t). However, any waveform arriving at the receiver that was not 

spread with p(t) is further spread rather than despread at the receiver. For instance, 

as shown in Figure 2.6, a jammer with an incident power equal to J and a bandwidth 

of W 3 goes through the despreader in a receiver. The "despreading" actually spreads 

the jammer power to occupy a bandwidth of W3 + WSS, where Wes is the bandwidth 

of p(t), which is approximately -k The spectral density of this spread jammer signal 
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Figure 2.7 The process of interference rejection 

is approximately J/(W3 W„) inside the bandwidth (W3 + W„) and zero outside this 

band. The spread jammer spectrum is then filtered by the baseband filter, which has 

a bandwidth of only about 1,-. The jammer power that passed through this filter is 

therefore approximately J/T(W3 W„) or J/(TWSS +TT/V.3) = JI(Gp +TW3). When 

the jamming bandwidth is very small compared to the spread spectrum bandwidth, 

TW3 < TW„, the jamming power at the baseband is about J/TWSS = JIGp, where 

Gp = TW„ is the spreading gain of the system. Increasing the spreading gain Gp results 

in a lower fraction of jamming power that typically reaches the baseband region. 

2.3.2 Broad Band Interference Rejection 

Figure 2.7 shows broad band noise with power spectral density N, across the SS 

communication channel. In Figure 2.7 (a), a slot of the broad band noise, fna 

exists in the bandwidth of p(t). After the despreader, this narrow band noise will be 

,LfTc 
spread across the whole band. The power in the integration bandwidth is 

N 
2 T 

N o f 7T-1 = f. 

For a slot of broad band noise occurring out of the bandwidth of p(t) as shown in 

Figure 2.7 (b), no power will be spread into the integration bandwidth. However, it should 

be pointed that the broad band noise frequency, fna or L ib shown in the Figure 2.7, must 
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satisfy one of the following conditions: 

fc — fna 

and 

fnb—fc 

in which fc = 

If the broad band noise frequency, fna, occurs in the band f — T < fna < fc, then 

the spread noise will only be partially across the integration band. Compared with the 

case (a) in Figure 2.7, the noise power in the integration bandwidth will decrease. This 

decrease of the noise power can be exactly compensated by the spread noise power from 

the frequency band L < fnb < L+ T. In other words, the broad band noise in the band 

— -4,- fc would contribute exactly the same power in the integration bandwidth 

after despreader as the broad band noise with bandwidth T shown in the case (a) of 

Figure 2.7. 

Thus for a broad band noise the total noise power in the integration bandwidth is the 

sum of the power of the small strips in the band —4, to L, given by: 

2N, W„ 
= 

Gp
(2.10) 

Obviously, this is exactly what it is without the spreader/despreader operations in the 

transceiver. The process of the spreader/despreader does not effect the spectrum of the 

broad band noise. 

2.3.3 Multiple Access Capacity 

In a mobile radio system, the need for multiple access arises when a number of inde-

pendent mobile units must communicate with a central base station through a common 

channel. 

There are three basic multiple access techniques, illustrated in Figure 2.8. In fre-

quency division multiple access (FDMA), all users share the central base station at the 

same time, but each transmits in its own unique frequency band. When all frequency 
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Figure 2.8 Multiple access methods 

bands are occupied, the system has reached its capacity and no further users may be ac-

commodated. In time division multiple access (TDMA), each user is assigned a particular 

time slot within a time frame, and during this time slot, transmits a portion of a message 

by any standard digital technique. TDMA is commonly used in satellite communication 

applications as well as in ground-based digital communication systems. Again, however, 

when all time slots are occupied, the system is operating at capacity and no additional 

users can be accommodated. The third general class of multiple-access communication 

systems is usually referred to as code division multiple access (CDMA). CDMA is always 

accomplished with spread spectrum modulation. In this system each user is assigned a 

particular PN sequence that enables the message to be recovered at the receiving point. 

This process can be explained by analyzing the cross talk effect in a DS-SS system with 

two simultaneous users as shown in Figure 2.9. 
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Figure 2.9 A DS-SS system with two users 

It is assumed that the second user's carrier is the same frequency and phase (the 

worst case), and the second user happens to be in bit synchronism. Obviously, the error 

in the first user's detected signal is given by: 

Error fo

T 
= 

 
P1(01)2(07112(t) dt 

= f pi(t)p2(t)dt. (2.11) 

It is conceivable that the integration of (2.11) will be near zero and the second user 

will have almost no effect on performance. This is the case if the two PN sequences are 

uncorrelated. 

If the data bit position of the second user is shifted so that it does not line up with 
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the integration interval, then the error is given by: 

AT 
Error = pi(t)p2(t — AT)dt 

AT 
pi(t)p2(t — AT (2.12) 

where AT is the difference between the two bit positions. 

Ideally the two particular PN sequences from 0 to AT and the two particular PN 

sequences from AT to T will be nearly orthogonal for any possible AT, i.e. the respec-

tive integrals nearly zero. In this case, the second user will not significantly affect the 

performance of the system. 

In contrast to the previously mentioned multiple access methods, CDMA does not 

have any sharply defined system capacity. As the number of users increases, the signal-

to-interference ratio becomes smaller and there is a gradual degradation in performance 

until the SNR falls below threshold. Thus the system can tolerate significant amounts 

of overload if the users are willing to tolerate poorer performance. This attribute is 

either not available with the use of the narrow-band waveforms which are employed with 

TDMA or FDMA, or are much more difficult to achieve [6]. An additional advantage 

of CDMA is that the messages intended for one user are not readily decodable by other 

users. To despread and thereby decode the spread signal, the other users would need to 

know the proper code and have the equipment for generating the appropriate reference 

signals. Thus there is a privacy feature that is inherent to DS-SS while it is not available 

in other multiple access techniques. 

There are, of course, a number of disadvantages associated with CDMA. The two most 

obvious of which are the problem of "self-jamming", and the related "near-far" effect. 

Self-jamming arises from the fact that in an asynchronous CDMA network, the spreading 

sequences of the different users are not orthogonal, and hence in the despreading of a given 

user's waveform, cross-talk results. This is different than either TDMA or FDMA, where 

for reasonable time or frequency guardbands, respectively, cross-talk between received 

channels can be virtually eliminated. 

The near-far problem occurs when one user is much closer to the receiver than the 

others. The signal from the nearer transmitter is received with much more power so it 
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generates more cross-talk. This cross-talk swamps the weaker signal received from the 

more distant transmitter. This means that power control techniques must be used in the 

cell of interest. However, this still does not guarantee that interference from neighbouring 

cells might not arrive with power levels higher than can be tolerated, especially if the 

waveforms in different cells are undergoing independent fading. 

An important consideration in CDMA is the system capacity, which is the number 

of users that can be accommodated simultaneously. With power control, the number of 

active users in an AWGN channel is given in [26] as: 

1 1 
U = 1+ 

{2TBeff[ (S N R)o (SNR)1
(2.13) 

where: 

U is the number of users, 

T is the data bit period, 

(SNR)0 is desired output SNR, 

(SNR)1 is the output SNR that would obtained when there is only one user, i.e., 

Eb 
(S N R)i = 

—No 

in which N, is two-sided spectral density of the white noise, Eb is the energy per bit, 

B ef f is called effective bandwidth, defined as: 

f — B e 

(ff.'co S(f)df) 2
00 

" f_co S2(f)df 
(2.14) 

in which S(f) is the power spectral density of the spread spectrum signal. 

(2.13) indicates that the effective bandwidth Bef , f , which depends on the spectral 

shape of the spread signal, plays an important role in the system capacity. In other 

words, the system capacity can be improved by properly selecting PN sequences. 
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2.3.4 Multipath Protection 

The mobile radio channel can be characterized by its time-variant impulse response 

h(r, t) [27]. A short impulse sent into the channel results in a finely structured response of 

some duration. Typical experimental results are given in [28] and the references therein. 

The spreading of the transmitted impulse is caused by having several different paths 

linking the transmitter and receiver. Due to the motion of mobile transceiver and objects 

in the surrounding environment, the time and frequency dependence of the multipath 

tend to degrade the system performance. In such situations, spread spectrum is a well-

known technique used to combat multipath. The related discussions will be given in the 

next chapter. 
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Indoor Radio Channel 

The thrust in office telecommunications is towards a fully mobile service with "pocket 

size" portable handsets. Many types of communication services are currently available 

and many more are planned. As the trend is toward a wireless office telephone system, 

there is much interest in wireless systems. Of vital importance to the development and 

implementation of any indoor R.F. wireless system is comprehensive knowledge of the RF 

propagation in indoor environments. These environments are usually referred to as indoor 

or in-building RF channels. However, propagation within a building is quite complex as 

a result of multipath and shadow fading. This time dispersion limits the data rate. The 

path delays affect the quality of the received signal and the resulting delay spread causes 

fading in the channel. A good review of this type of channel characterization is found in 

[29] and [30]. 

In this chapter, a statistical characterization of a fading multipath channel will first be 

developed. Then some solutions to the multipath problems known as diversity techniques 

will be introduced. 

3.1 Communication Environment for an indoor mobile radio 

In an indoor mobile radio communication system, buildings in general, office build-

ings in particular, present a harsh environment for radio transmission. In addition to 

electronic equipment, like copying machines, that radiate R.F. noise, there are numer-

ous objects, such as walls, ceilings, furnitures and even people, which will reflect and 

absorb radio waves. In such an environment the link between a transmitter and receiver 

is corrupted with additive noise and self interference due to the random superimposition 

of the scattered and reflected rays. The signal is also disrupted by shadowing, which 

happens when the line-of-sight path is lost. To make matters worse these effects vary 

with time as the environment changes. A very complex propagation channel having a 

random time-variant impulse response h(r, t) results. 
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Figure 3.1 Characteristic of a time-variant multipath chan-
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3.1.1 Characterization of an Indoor Radio Channel 

1. Time-Variant Multipath Characteristic 

If an extremely short pulse, idealy an impulse, is transmitted over an indoor channel, 

the received signal might appear as a train of pulses, as shown in Figure 3.1. One 

characterizes this type of channel as a multipath medium. 

It is also shown that if the pulse-sounding experiment is repeated over and over at 

different times, then the received pulse train will change in terms of the amplitude of 

the individual pulses, in the relative delays among the pulses, and quite often, in the 

number of pulses observed in the received pulse train. The time variations appear to be 

unpredictable to the user of the channel. Therefore the only option is to characterize this 

time-variant multipath channel statistically. 

2. Signal Fading 

Multipath propagation results in signal fading at the receiver. Figure 3.2 represents a 

base station and moving portable linked with five paths. In this case because the portable 

is moving, the paths are time variant. The randomly time-variant signals associated 

with paths 1 to 5 result in the signals adding either constructively or destructively. In 

Figure 3.2 (a) the signal vectors add destructively and thus the received signal is very 

small or practically zero. At a later time the vectors may add constructively, as shown 

in Figure 3.2 (b), so that the received signal is large. Thus the amplitude variations 

25 



moving portable 

motion 

2 

SUM 

(a) 

1 
SUM 

3 
4 

(b) 

Figure 3.2 Fading characteristic in a channel: (a) at time 
t1 and (b) at time t2

in the received signal, which is referred to as signal fading, are due to the time-variant 

multipath characteristics of the channel. 

3. Frequency Selective/Nonselective Channel 

As indicated in the previous discussions, a:signal received over a fading multipath 

channel would be severely distorted. If each multipath signal can be separated at the re-

ceiver, it is possible to reconstruct an undistorted received signal. However, not all paths 

can be resolved. The time delay and frequency bandwidth of the signal will determine if 

the multipaths can be resolved or not. 

If the maximum difference of any two path delays is T, in a fading multipath channel, 

the coherence bandwidth of the channel, denoted by (Af),, can be expressed as 

(Lf)c = Tm 

When an information-bearing signal is transmitted through the channel, if the (AD, is 

less than the bandwidth of the transmitted signal, the channel is said to be frequency-
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selective. On the other hand, if (L f), is much greater than the bandwidth of the trans-

mitted signal, the channel is said to be frequency-nonselective [27]. 

In a frequency-nonselective channel all frequency components in the transmitted sig-

nal undergo the same attenuation and phase shift. In other words, the received signal 

appears to arrive at the receiver via a single fading path. The multipath components in 

the received signal are not resolvable. For this reason a channel of this type is also re-

ferred to as an unresolvable multipath channel. Typically they occur in buildings where 

the transmission distance between the transmitter and the receiver is short, and the 

bandwidth of signal is less than a mega Hertz. 

However, in a frequency-selective channel, the signal is severely distorted by the 

channel. But the channel can be resolved into a number of paths defined by time delays, 

path gains, and path phases. This type of channels occur when the transmission distance 

between the transmitter and receiver is large, and the signal bandwidth is wide. 

4. Time-Invariant Channel 

Due to the motion of the mobile transceiver and the scatterers in the surrounding 

environment, the impulse response of the channel depends on the time t. The strength 

of time dependence is closely related to the velocity v of the mobile stations, which also 

causes a Doppler shift of the transmitted frequency spectrum. Nevertheless, the impulse 

responses h(r, t A) and h(-r, t) are similar for small increments A because h(r, t) is 

varying continuously versus time. But, the impulse response h(7, t) may be completely 

different after a certain minimum time (At), has elapsed, which is typical for the channel. 

The parameter (At), is called coherence time of the channel [27]. Fortunately, the typical 

symbol durations in mobile speech communications are much smaller than (At), [31]. 

Therefore, for the duration of one symbol the channel can be considered as time invariant. 

3.1.2 Statistical Model for an Indoor Mobile Radio Channel 

Ultimately, a reliable multipath model must be built. Wide-band multipath radio fre-

quency propagation measurements have been performed recently in several factories and 

office buildings [32, 33, 34]. From these measurements, a number of different statistical 

channel models have been proposed for an indoor radio environment. One of them is the 

27 



impulse response of an indoor channel for the user k, which is expressed in [34] as: 

Lk 

hk(t) = E.Ake-jelk 6(t — Tik) 
1.1 

(3.1) 

where Lk corresponds to the number of multipaths, /31k is the Ph path gain, Oik is the 

phase shift of the Ph path, and Tik is the propagation delay of the 1th path with respect 

to the arrival of the first component, respectively. This model is the same as that used 

in [15], where the following assumptions were made: 

• The coherence time of the channel is sufficiently large so that the channel parame-

ters remain constant over many bits and the receiver is capable of making channel 

measurements. 

• Phase shift, Oik, is a uniform random variable independent of all the gains, delays, 

and other phases in the interval [0, 2r]. 

• Delay, Tik , is an independent random variable. The paths linking user k to the base 

station have different lengths, so that the delay 1-1k, 1 = 1, 2, ..., Lk, for each k, are 

separated from each other by more than some small time -Ili (B is the baseband 

bandwidth of the spreading function). In other words, the multipath delay spread, 

T„„ satisfies 1- < Tm. The indoor channel under this assumption is frequency-

selective. 

• The spreading gain is sufficiently large that the intersymbol interference is not 

considered. 

• The path gain, /31k, is a random variable with any positive distribution, e.g., 

Reyleigh, log-normal, Ricean, etc., and is independent of all the phases, delays, 

and other path gains. 

3.2 Diversity Techniques for Multipath Fading 

The indoor mobile radio communication channel is a fading multipath channel. For 

a narrow band system, the entire channel can experience a deep fade, which will cause a 

very high error rate in reception. In such cases it is necessary to use diversity techniques to 

28 



mitigate the fading that is experienced on multipath channels. Actually, if a receiver can 

be supplied with several replicas or versions of the same information signal transmitted 

over independently fading channels, the .probability that all the signal components will 

fade simultaneously is much smaller than the probability of a single path fade. In this 

case the signal fading can be overcome by carefully combining the replicas or selecting the 

largest one among the replicas in the receiver. This forms the basis of diversity techniques 

used to combat fading channels. There are several ways of providing the receiver with 

several independently fading replicas of the same information-bearing signal. There are 

also a variety of combining or decision procedures that can be used at the receiver for 

any of the diversity schemes. 

3.2.1 Diversity Schemes 

One method is called frequency diversity. In this case, the same information-bearing 

signal is transmitted on L carriers which are separated by at least the coherence band-

width (Af), of the channel. 

The second method is time diversity. For achieving L independently fading versions 

of the same information-bearing signal, the signal is transmitted in L different time slots, 

where the separation between successive time slots exceeds the coherence time (At), of 

the channel. 

Another method commonly used for achieving diversity is called antenna diversity or 

space diversity. With this method, multiple antennas are employed in the base station 

while the portable usually has one. In order to obtain L independently fading replicas 

of the same signal, the antennas in the base station must be spaced a carrier wavelength 

(or more) apart. 

Finally, the method used widely in frequency-selective fading channels is referred to 

as spread spectrum diversity. Most spread spectrum systems occupy a bandwidth that is 

much greater than the coherence bandwidth of the channel. In such systems more than 

one of the multipath components can be resolved to provide the receiver with more than 

one of the independently fading signal paths. This type of diversity is managed with a 

RAKE receiver. The RAKE receiver consists of a bank of several single path receivers, 

each of which is tuned to the signal arriving from a different path. The decision variable 
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Figure 3.3 Four different diversity combiners 

for a RAKE receiver is the weighted sum of the decision variables of the single path 

receivers. More detailed discussion of a RAKE receiver is given in Section 3.3. 

3.2.2 Combining Techniques in Diversity Schemes 

As mentioned in the beginning of this section, each diversity technique can mitigate 

signal fading in a multipath channel by combining the replicas of the same information 

signal transmitted over independently fading channels. There are four major combining 

techniques: selective, switched, maximal-ratio, and equal-gain. Every diversity scheme 

has the option of these four combining techniques. They are shown in Figure 3.3 with a 

two-branch diversity receiver. 

1. Selective Combining 

It selects the strongest signal among L diversity branches. In this scenario, the perfor-

mance of a selective combining diversity receiver is totally dependent on the performance 

of the selected branch receiver. As long as all channels are not in a deep fade simultane-

ously, the effect of fading is mitigated. 
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2. Switched Combining 

Switched combining differs from selective combining, particularly in that it uses only 

one rather than L receivers. With two-branch switched combining, two diversity signals 

are selected, based on a given threshold level in the receiver. If signal A is above a 

threshold H, it is selected and received until it falls below the level H. Then the receiver 

switches to signal B regardless of whether signal B is above H or below. Since switched 

combining needs only one receiver, it is less costly and may be used on mobile units. 

However, the performance is affected by the threshold level and switching noise. In 

order to improve the performance to make it competitive with other techniques, the 

threshold level needs to be changed dynamically in real time, based on the present signal 

level received in the environment. Switching noise due to switching impulses can be 

eliminated by a blank-and-hold device. 

3. Maximal-Ratio Combining 

The term "maximal-ratio" means maximal signal to noise ratio. In theory this is 

the best combining technique in additive white Gaussian noise. The output of each 

single path receiver is weighted in proportion to its signal component voltage and then 

combined, as shown in Figure 3.3 (c). At baseband, the combined signal is the sum of 

the instantaneously weighted signals on the individual branches. 

4. Equal-Gain Combining 

This is a co-phase combining that brings all phases to a common point and combines. 

Therefore the combined signal is the sum of the instantaneously fading envelopes of the 

individual branches. The performance of this scheme is not as good as maximum-ratio 

combining, but it is easier to implement as there is no weighting required. 

3.3 Maximal-Ratio SS Diversity Scheme — RAKE Receiver 

For a direct sequence SS CDMA system, the most attractive diversity scheme is 

spread spectrum diversity, which employs a RAKE receiver to separate the independently 

fading signals coming from different paths. The performance of a RAKE receiver can be 

explained using a two path channel. 
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Figure 3.4 A two-path channel model 

3.3.1 Model for a Two Path Channel 

Based on (3.1), a model for a two path channel is shown in Figure 3.4, where the 

secondary path signal is delayed by T, and phase shifted by 0 with respect to the primary 

path. The primary path has path gain Op while the secondary path has path gain Os. 

Evidently, it is assumed that the differential delay is much less than a bit period 

T, i.e., r << T, which means m(t — T) m(t). It is also assumed that the channel is 

slowly fading, which means all the parameters (Op, 13,, T, and 0) in the channel are time 

invariant at least for the duration of one data bit period. 

3.3.2 Effects of Self Generated Noise and Co-User Noise on 

the Decision Variable of a Single Path Receiver 

Figure 3.5 shows a single path receiver tuned to the primary path, where the phases 

of the carrier and the despreading PN code spreading function are synchronized to those 

of the primary path. In this case, the received signal includes four parts: one part, 

/3pm(t)p(t) cos (27fot), is the user transmitted signal passing through the user's primary 

channel path; the second part, Osm(t)p(t — r) cos (27r fot — 0), is the user transmitted 

signal passing through the user's secondary channel path; the third part, Opc„m,„(t)p,„(t—

Tpcu) cos (27r fot — 0pc,,), is the co-user transmitted signal passing through the co-user's 

primary channel path; and the fourth part, Oscurncu(t)P.(t — Ts.) cos (27rfot — 0,c,,), is 

the co-user transmitted signal passing through the co-user's secondary channel path. 
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2 cos (27rfot) p(t) 

Figure 3.5 A single path receiver 

The signal voltage at the output of the receiver is expressed as: 

V3(nT) 
1 

ji nnT1)T 13 pm(t)p(t) cos (27rfot)2 cos (27rfot)p(t)dt 

1 nT 
-- = Opm(nT)- 

in-1)T 
2 cos2 (27rfot)p2(t)dt 

T✓ ( 

,/pm(nT)TT 

= Nm(nT) (3.2) 

At the same time, the self-generated noise caused by the user's secondary path and 

the noise caused by the co-user are expressed by: 

and 

Vsei(nT) = T1 T )T 13srn(t)P(t 7 ) cos (27rfot — 0)2 cos (27r fot)p(t)dt 

= 13.9m(nT)-1- i nT 2 cos (2i- fot) cos (27r fot — 0)p(t)p(t — 7)dt 
T (n-1)T 

1 nT 
= /33m(nT) 

(n-1)T 
p(t)p(t — 7) cos Odt 

#3m(nT) cos 0-1 f nT p(t)p(t — 7)dt 
T (n-1)T 

= ,33m(nT)R n(r) cos 0 

nT 

Vcti(nT) 
T ( fn-1)T 

[13pcum,u(t)p,,,(t — 7p,,,) cos (27r fot — 

1-13s.mcv,(t)pc,i(t — 73C,i ) cos (27rfot — 03C,i )12 cos (27rfet)p(t)dt 

rn,,,,(nT)1„,[13p,„ f nT p(t)pc.„(t — rpc„) cos Opceidt 
(n-1)T 

(3.3) 
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+os. fraT *o.@p — Tscu, cos scudti 
(n-1)T 

= [3mcu sn , pcuRncu(Tpcu) COS OpCU OSCU RTI,C71( 7 ,5Cu ) COS ° SCUi 7 (3.4) 

respectively, where Op., O., rpcu, rscu, 0pc„, and Oscu are the channel parameters cor-

responding to the co-user; Rn(•) represents the auto-correlation function of the user's 

PN code spreading function in the n th data bit interval; Rn,u(•) represents the cross-

correlation function of the user's and the co-user's PN code spreading functions in nth

data bit interval. Normally, it is assumed that Rn(•) and Rncn(•) are independent random 

variables for the n th and 171th bit, where n m , and have zero mean and variance a2. 

Under this assumption, the variances of noise voltages Vs, / and Vcn can be expressed as: 

and 

2 
°-Vcu

2 
(7V,sei = E {13, cos 0} 

= E {R2n(T)} E {cos 

= ' 020.2 
2 s 

E {[/3pcuRncu Tpcu COS epcu + scuRncu(rscu) COS Oscull 

E {13p2cuRn2 cu (7-Pcu) C052 pcts} 

+E {13 stuR2ncu(7 scu) cost 0 scu} 

+2E TS R ( R 7- pcu,- scu—ncu - 7- pcu1 --ncu ( scu) COS cosOpcu  Oscu} 

1 2 1 02 2

2 pcu a + ‘-'scucr 

1 0 .2 ( o pt u o scu ) 

(3.5) 

(3.6) 

respectively. So the signal to self-generated noise ratio and to co-user noise ratio are 

given by: 
V 2

 82  1
(S N R) sel : 2 2 

Ps a 

(3.7) 
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V2 
(SNR),„ = = 2 /3P2 1

/3?)cu 13L 0'2
(3.8) 

respectively. 

Compared with the performance of a single path receiver in a single path channel, 

where both of 13, and /3  are equal to zero, the self-generated noise looks exactly like co-

user noise and the signal to co-user noise ratio (SNR),„ of a single receiver in a two path 

channel is degraded because of the secondary path. The degradation is 10 log (1 + 

dB. 

3.3.3 Effects of Self-Generated Noise and Co-User Noise on 

the Decision Variable of a RAKE Receiver 

Corresponding to a two-path channel, a two-tap RAKE receiver is shown in Figure 3.6, 

where weights Op and [3, in the combiner yield the best performance for a AWGN channel. 

This type of combining is referred to as maximal ratio combining. 
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Using the same reasoning as in the last part, the components of the output of the 

RAKE receiver, specifically the signal voltage, self-generated noise voltage and a co-user 

noise voltage can be written as: 

and 

Vs(nT) = m(nT)(0: + 0!) , 

Vsei(nT) = 2m( T) i3 sR7,(7) cos 0 , 

Vc,(nT ( )[81 ram t, p, pcuRricu(7pcu) COS Opcu 

+OpOscuRncu(Tscu) COS Oscu 

+OstpcuRncu (rpm — T) COS (Opcu — 9) 

+ s scuRncu(Tscu 7) COS (Om, — 0) , 

(3.9) 

(3.10) 

(3.11) 

respectively. 

Furthermore, the signal to noise ratios caused by the user's secondary path and a 

co-user respectively can be expressed as: 

(SNR)sei 
V2s

2 
CVsei

— 

. 

1  

2 ( 3

1 

+ 

(SNR)cu
V 2

s

2 
a Vcu 

02 + 

= 2 P
R2 R2 0.2 • 
r-pcu scu 

(3.12) 

(3.13) 

Under perfect power control, i.e., p2  /5)! = 1, and i3p2cu H- t3s2cu = 1, (3.13) can be simplified 

as: 

(S N R)cu = 2 -10-2 . (3.14) 
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Thus the effect of a co-user in a multipath environment is exactly the same as in the 

single path environment. When /3,, = 135, the self-generated noise has the same effect 

as a co-user noise. It can be shown that as the number of paths increases, the effect 

of self generated noise is still that a single co-user [35]. In other words, the effect of 

self-generated noise caused by the user's multipath can be viewed as additional co-user 

noise. 
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Performance Analysis of a RAKE 

Receiver 

In the preceding chapters, concepts and techniques used in spread spectrum sys-

tems were introduced. In this chapter, a theoretical performance analysis of a DS-SS 

CDMA system, with band-limiting filters, a four quadrant multiplier as well as a RAKE 

receiver, is given for an indoor mobile wireless channel. 

4.1 System Model 

An indoor communication system might be described by a star network, shown in 

Figure 4.1 where the users communicate with a PBX through a base station [3]. This 

type of configuration can be embedded in a cellular hierarchy, thus serving more users 

over a large area. The users in the same cell share the same frequency band, and each user 

is assigned a unique spread spectrum code sequence. These code sequences must have 

low (ideally zero) cross-correlation properties to ensure low interference between users' 

signals. The adjacent cells operate in the same frequency band thus different spreading 

codes must be used in the adjacent cells. 

4.1.1 Transmitter Model 

A simplified block diagram of a transmitter for user k is shown in Figure 4.2. 

The information sequence, mk(t), is first spread by the spreading function pk(t) in the 

transmitter and low pass filtered to remove the sidelobes and finally modulated to an 

R.F. transmitted signal. 

The transmitted signal can be expressed as: 

Sk(t) = Re { uk (t)672"f°1 

where Re {•} represents the operation of taking the real part of the argument and uk(t) 
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Figure 4.1 A star connected indoor wireless local area net-
work 

is the low-pass equivalent of the transmitted spread spectrum signal, which is given by: 

uk(t) = Gk[rnk(t)pk(t)]*htk(t) 

= Gk r om,k(t_ T)pk(t — 7)htk(7)cli- (4.1) 

in which Gk is the power amplifier voltage gain of the transmitted signal, hik(t) is the 

impulse response of the low pass filter in the transmitter, and pk(t) is the spectral spread-

ing waveform given by pk(t) = xik0(t — iTc) for iT, < t < (i 1)Tc, where [xik]r—, is 

the binary signature sequence with chip rate and OW is a chip waveform of arbitrary 

shape satisfying OM = 0, except for 0 < t < T, (time-limited pulse). The data signal 

mk(t) consists of a sequence of rectangular pulses of duration Tk. The Ph pulse for user 

k has amplitude mk(t) = mik for lTk < t < (1 + 1)Tk, where [mik]r—_„„ is a sequence of 

independent binary random variables taking values +1 or —1 with equal probability. 
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Figure 4.2 A band limited DS-SS transmitter 

4.1.2 Receiver Model 

In the receiver for user k, shown in Figure 4.3, the received signal is the sum of 

all the user's transmitted signals passed through independent fading multipath channels 

corrupted by independent additive white Gaussian noise. Only one cell of the cellular 

CDMA portable radio is considered, and all interferences, including adjacent cell infer-

ences, are represented by AWGN. The receiver is a RAKE receiver, where each tap is 

assumed to be perfectly synchronized to a distinct multipath component. 

The received signal is first down-converted, and then despread. In order to ensure 

that the despreading function in the receiver is coherent with the received signal, the 

despreading function in the receiver is low pass filtered by a filter with a hopefully 

identical frequency response to the filter used in the transmitter. 

Therefore, the received signal r(t) is given by: 

r(t) = Re {E[uk(t)* hk(t)]e3271 n(t) 
k=1 

(4.2) 

in which hk(t) is the low-pass equivalent impulse response of the multipath fading channel 

defined by (3.1). Incorporating (3.1) and (4.1) into the above expression, the received 

signal r(t) can be expressed in detail as: 

K Lk 

r(t) = Re EEGkOike-jOlk f[r n 
7 

k(t — Tik)pk(t — Tik)]* htk(t)}ej2 
fot + n(t)(4.3)

k=1 1=1 

The lth path receiver for user k correlates the received signal with pk(t — Tik) * 

hrk(t)] cos (271-fot — Olk) over the time interval [ruc, rtk Tk]. That is, the output deci-
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sion variable in the Ph path receiver is: 

1 fTk+Tik 
Vlk = -- r(t){Pk(t T/k) .* hrk(t)1 cos ( 27rfot — 9/k)dt 

rr,/k Tlk 

(4.4) 

in which hrk(t) is the impulse response of the low pass filter in the receiver, and the signal 

component Vks, the self-generated noise VIkset caused by the multipath channel as well 

as the co-user noise VIkeu, can be expressed as: 

Vlks 
1 iTk+TIk 

GkOlk f[rnk(t — rik)pk(t — rik)] * htk(t)} cos (27 fot — Oik) 
k Tlic 

[Pk(t T lk) * h rk(t)1 cos (27rfot — Olk)dt 

GkOlk 1 r f 
mk(t — — a)pk(t — — a) 

2 Tk -00 Tlk 

pket — T1k — (19)htk(a)hrk(13)dtclac10 (4.5) 
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1 ITk+Tlic Lk

Vlksel = — EGkoik {[mk(t r3k )pk (t — 73k )] * htk(t)} 
Tk Tik 3=1 

.4/ 
cos (27r fot — 0 ak )[pk(t — Tik ) * h ( )] cos (271-fot — 0 ik)dt 

and 

Vikcu 

4
Gk /33k cos (Oik — 0/k) — fe° 

2 Tk J-co 
"'kV r3k a) 

3=1 
301 

Pk(t — 3k — a)pk(t — Tik — 0)htk(a)hrk(#)clicladO 

1 IT 1, -1J--ilk K Li 
= — 

Tk 
Ilk E E Gi 13 ii {[mi(t — rii)pi(t — rii)]*hti(t)} 

1=1 j=1 
iok 

cos (271-fot — 0 ji)[Pk (t — Tik) * hrk(t)] cos (271- fot — 0 ik)dt 

Ic Li Gi ji cos (0 ji 191k) J 0O °° f Tk+Tik= E E — Tji — a) 
i=1 j=1 2 Tk 00 J-00 f ra
iok 

pi(t — — a)pk (t — 0)hti(a)hrk(0)dtdad,3 

(4.6) 

(4.7) 

respectively. 

Since the output decision variable of the RAKE receiver under consideration is the 

weighted sum of the outputs of the single path receivers, it is then written as: 

Lk 

Vks = E GkOlkVlks 
1=1 

Lk G2it f oo 00 Tk+TIk 

1=1 Tk —00 — 00 Tik 

pk(t - 0)htk(a)hrk(0)cltdadO 

mk(t — Tik — a)pk(t — Tik — a) 

(4.8) 

4.2 Analysis of SNR 

The presence of noise and interference results in bit errors. The signal to noise 

ratio (SNR) directly affects the bit error rate and is commonly used to characterize the 

system performance. Based on the fundamental analysis made in the last section, an 
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analysis of the signal decision variable and the variance of the co-user noise at the output 

of the RAKE receiver was done under the following assumptions in [15]: 

• Perfect power control is used, thus each user signal is received at the same power 

level. 

• The spreading functions are long code sequences and their power spectral densities 

for all K users are the same, denoted by Ssprd(w)• The spreading gains are much 

much greater than 1, thus the intersymbol interference (ISI) can be ignored. 

• The parameters of the multipath channel, such as path delays, phase shifts and 

attenuations, are as defined by Section 3.1.2. 

• The transmit filters for all K users have the same frequency response, so do the 

receive filters. That is, Htk(w) = Ht(w), lirk (w) = Hr(w) for k = 1, 2, ..., K. 

It has been shown that the signal to co-user noise ratio (SNR),„ can be expressed as: 

(SNR). = 
t-r [ff.:3 S sprd(W)Ht (W)Hr(—W)dW12

Ek=2 Rk roo S s2prd(w)1Ht(w)121-ffr( ---012dw 

Li" Ss rd(f)Ht(f)Hr(—f)df12 = 2 P
EL2 Rk r oo S'prd(f )111t(f )12 I-Hr( — f)I2df 

(4.9) 

where Rk (= Tk ) is the data rate for user k, w and f are radian frequency and natural 

frequency respectively. 

It can be seen from (4.9) that the parameters of the multipath fading channel do not 

appear in the (SNR),„.., expression. This means that the (SNR)CU is the same for both the 

multipath channel with a RAKE receiver and the single path channel. Under conditions 

of equal user data rates (Tk = T, for k = 1, 2, ..., K) and infinite RF bandwidth 

(Ht(•) = Hr(•) = 1), (4.9) can be written as: 

[f" Ssprd(f)C2 
K = 1 + 2T  -" 

S4rd(f)df (SN R),„ 

In this scenario, (4.10) is the same as (2.13). 

(4.10) 
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Based on (4.9), it is clear that the signal to co-user noise ratio is dependent on the 

spectral shapes of

1. The transmit low pass filter; 

2. The receive low pass filter; 

3. The spreading function used in the system. 

Optimal (SNR)CU results when the two low pass filters have identical phase responses 

and their magnitude responses whiten the in-band portion of the spectral density of the 

spreading function. It is important that the transmit-receive filters be phase matched. 

In practice, tolerances in electronic components make it difficult if not impossible to 

have "phase matching" multi-element filters. Since a simple filter may not be sufficient 

to whiten the in-band spectrum as well as reject the out-of-band power, the onus is on 

shaping the spectrum of the spreading function to optimize the (SNR)CU. 

4.3 Effect of the Transmit-Receive Filters on SNR 

4.3.1 In a Narrow Band System 

When the system bandwidth is relatively narrow, the band limiting low pass whitening 

filters used in the system can be realized with DSP techniques. In this scenario, it is 

possible for the transmit and receive low pass filters to have identical (or at least very 

nearly identical) frequency responses. The two filters can be perfectly phase matched. 

As shown in Figure 4.4, there are two curves. One is the power spectrum of the 

conventional binary PN code spreading function, and the other is the magnitude response 

of the transmit and receive low pass digital filters. In this case, the system bandwidth, 

the bandwidth of the transmit and receive filters, is right at the first null of the power 

spectrum of the spreading function. Since the power spectrum can not be whitened 

sufficiently in the pass band by the multiplication (low-pass filtered) with the magnitude 

responses of the filters, the corresponded system SNR expressed in (4.9) is only 61.7% 

of the optimized SNR. In order to whiten the in-band portion of the spectrum of the 

spreading function, a filter with a "peaked type" magnitude response must be used. 

Further, the values of the magnitude response in the region which is near the null of the 
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spectrum of the spreading function, must be infinity. This whitening filter is only an 

optimum filter in the absence of thermal and quantization noise. When high gains are 

required to whiten the spectrum, as they are in this case, the thermal and quantization 

noise in the region of high gain is over emphasized. 

Alternatively, as shown in Figure 4.5, the undesired effect can be avoided by increasing 

the chip rate of the spreading function without changing the system bandwidth. In doing 

this the whitening filter is essentially a flat low pass filter and the in-band portion of the 

power spectrum of the spreading function becomes much flatter than the one shown in 

Figure 4.4. With this scheme, the system SNR increases up to 94% of the optimized 

SNR. This is exactly the way to generate the spreading function specified in the "IS-95" 

standard, where the transmit and receive filters are 47th order FIR digital low pass filters. 

Since the values of the spectrum of the spreading function with increased chip rate are 

not zero near the edge of the pass band, a filter with a "peaked type" magnitude response 
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could be used. The thermal and quantization noise in the region of the peak would not 

be over emphasized, since the peak in the magnitude response is not that large. Thus 

the system SNR for the "IS-95" system could be further increased by using a spectral 

shaping filter rather than a low pass filter. 

4.3.2 In a Wide Band System 

However, in some systems where the bandwidths are very wide, perhaps as much 

as 100 MHz, the band limiting low pass filters can not be realized with DSP technologies. 

Analog filters have to be used. With analog technologies, it is very difficult if not im-

possible to implement the transmit and receive filters with identical frequency responses 

[36, 37, 38, 39, 40, 41]. Normally, there is a significant difference in the phase responses 

near the edge of the pass band and in the transition band. These errors are more signif-

icant for the higher order analog filters which are required to achieve a sharp transition. 

Due to these errors, the SNR of the system will be degraded. 
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The degradation in SNR due to phase mismatch can be explained by the following 

expression, which is a rewritten form of (4.9): 

(SNR),„ =. 2 [fffc,3 Ssprd(f)iHt(f)111/74—f)leJoHt(f)+0H, (- f))dp 

y Rk iffoo Sp rd(f)111t(f)12 111r( —f)12df 
(4.11) 

where 0th(f) and OHr(f) represent the phase responses of the transmit and receive filters 

respectively. Since Ss, d(f), 111,t (f)1 and Hr (i) are all positive even functions, and since 

OH, (f) and OHr(f) are odd functions, (4.11) can be simplified as: 

(SNR),,, = 4  [fr SsPrd(f)ilit(i)11Hr(f)lcos (OH, (f) 8H;(f))df]2 

ElkC=2 Rk s v prd(f)iHt(f)12 11-1,(f)12df 
(4.12) 

From the above equation, it can be seen that the differences of the phase responses 
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2 

between the transmit and receive filters greatly affect the SNR. This effect is particularly 

acute when there is significant power in the spreading function at the edge of the pass 

band where the phase differences tend to be large. The region where this effect is likely 

to be significant is illustrated in Figure 4.6. The two vertical dashed lines in Figure 4.6 

represent the frequencies between which there may be significant phase mismatch in the 

transmit and receive filters. The solid curve represents the spectrum of a binary PN 

code spreading function low-pass filtered by the transmit and receive filters. The shaded 

area represents the signal power that has been changed to noise power by the phase 

mismatch in the two filters. It is clear in Figure 4.6 that the amount of signal power 

that turns into noise power depends on the width of the phase mismatch region, which is 

related to tolerances of the components used in the filters. For digital filters, this region 

is narrow; for analog filters, this region is wider as precision components tolerances are 
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either unavoidable or very expensive. 

It is also shown in Figure 4.6 that the amount of signal power converted to noise power 

by the phase mismatch also depends on the spectral shape of the spreading function. As 

shown in Figure 4.7, everything is exactly the same as in Figure 4.6, except the spectrum 

of the spreading function. Increasing the chip rate of the spreading function results in 

more power near the edge of the pass band and therefore accentuates the phase mismatch 

problem. In this scenario, it is necessary to look for a spreading function whose power 

spectrum is wide, flat in the pass band and has a dip at the edge of the pass band in 

order to reduce the effect of phase mismatch. 
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A New Spreading Function 

In this chapter, a new spreading function is introduced and its suitability for a CDMA 

system is analyzed. Following the analysis, the proposed spreading function is compared 

with a conventional binary PN code spreading function in a wide band application. 

5.1 Structure and Power Spectral Density 

Two wave forms commonly used in the transmission of binary signals are Polar NRZ 

signaling and Manchester (or biphase) signalling. Polar NRZ signalling has a power 

spectrum of the form [sin (x)/x]2, while Manchester signalling has a power spectrum of 

the form [sin (x/2)/(x/2)12 sin2 (x/2) [42]. Therefore, it is possible to create a wave form 

with a flatter mainlobe in its power spectrum by linearly combining Polar NRZ and 

Manchester signallings. 

A block diagram for such a generator is shown in Figure 5.1, where the first branch 

output is a Polar NRZ signal, the second branch output is a Manchester signal, and the 

third branch output is also Manchester, but is phase shifted by This additional branch 

is added to increase the width of mainlobe flatness of the output power spectrum. Since 

all inputs to the three multipliers illustrated in Figure 5.1 are +1 binary signals, the 

output are ±1 binary signals. This means that the three multipliers can be implemented 

with exclusive-or (XOR) gates. 

The linear combining is done to flatten the in-band portion of the output spectrum, 

but it produces unfavourable sidelobes. These sidelobes can be reduced by sinusoidally 

weighting the biphase signals with sin (f1,-rt) and cos ( 2740, as shown in Figure 5.2. These 

weightings are equivalent to using the fundamental Fourier components of the square 

clock signals. 

The baseband output signal u(t) of the modified structure shown in Figure 5.2 is 
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u(t) = m(t)p(t) [A1 + A2 sin (;,7—t) + A3 cos (-2F7t)1 (5.1) 

where m(t) is a binary rectangular data signal, p(t) is a conventional binary PN code 

spreading function with a chip period T, and A1, A2 and A3 are coefficients chosen to 

flatten the spectrum of u(t). Having three degrees of freedom with the coefficients allows 

for a wide variety of spreading functions. For example, when Al = 1, A2 = 0, and 

A3 = 0, the spreading function p(t) [A1 + A2 sin ( 274t) + A3 cos ( 214t)] is a conventional 

binary PN code spreading function; when the gains A1, A2, and A3 are set to be 1/2, 

0, and —1/2, respectively, the spreading function p(t) [A1 + A2 sin (T!t) + A3 cos ( 27-it)] 

becomes a raised cosine weighted binary PN code spreading function. 

Since u(t) is the product of two independent processes, specifically m(t) and p(t) [A1 + 

A2 sin (-Tit) + A3 cos (-274-rt)], the power spectrum of u(t) is the convolution of the power 

spectra of these two processes. That is, 

Sa(f) = Sm(f)* Ssprd(f) (5.2) 
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Figure 5.2 A modified spectrum spreader 

in which Su( f), Sm(f), and Ssprd(f) are the two sided power spectra of u(t), m(t) and 

p(t) [A1 + A2 sin (Rt) + A3 cos (IV)] , respectively. 

In practical systems Srn ( f) is much much narrower than Ssprd(f), which means 

Sm(f)* Ssprd(f) L's2 Ssprd(f) (5.3) 

assuming the total power in Sin(f) is equal to 1 watt. Incorporating (2.2) into the 

spreading function, 

p(t) [A1 + A2 sin ( t) + A3 cos (Rt)] 

= an f (t — nT,)] [A1 + A2 sin ( 274c t) + A3 cos ( Rt)] 

= au8(t — nTe)] * f (t) + A2 sin ( 27-1,:t)f (t) + A3 cos (Rt)f(t)] 

= (tub(t — nT,)] * [Alf (t) + A2 sin ( 2tt, Tc) + A3 cos ( 2tt, Tc)] 

where sin ( 27-4cr-t, Tc) = A2 sin ( 274t)f(t) and cos ( 274t, Tc) = A3 cos ( 2740 f (t) are sinusoidal 

pulses which are only nonzero in the interval 0 < t < Tc. According to (5.4), the 

spreading function p(t) [A1 + A2 sin (TI t) + A3 cos ( 2ft)] can be viewed as the output of 

a linear system with impulse response AIM) + A2 sin (2 t, Tc) + A3 cos ( 274t, Tc) and 

input signal Enct__,x, an8(t — nTc). From linear system theory, the power spectrum of the 

output of a linear system with frequency response H(w) is the power spectrum of the 

(5.4) 
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Ssprd (1) 

input multiplied by 1H(w)12. Using this relationship, the power spectrum of the spreading 

function, Ssprd(f), can be expressed as: 

Ssprd(f) = en 171c) AV,   1 

(7 fT,)2 2 sin- (7fTc) 
(1 — f 2Tc2)2

+ 71.2T (fTc)2 sin2 (irfTc)  1 
(1 — f 2712)2

2A1A3Te 1 
sin2 f T c) 

ir2 (1 — f 2 T2) 
(5.5) 

The wave shapes corresponding to each term in (5.5) is shown in Figure 5.3. Since 

the curves in Figure 5.3 have different locations for their peaks, it is conceivable that by 

adjusting the gains A1, A2 and A3, Ssprd(f) could have a reasonably flat mainlobe and 

low sidelobes. 
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to the spectrum for a raised cosine weighted PN 
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The power spectrum for a particular choice of A1, A2 and A3 is illustrated as a solid 

curve in Figure 5.4. Obviously, there is a flat portion in the mainlobe of the spectrum 

and a dip near the first null of the spectrum, i.e., this is a desirable spectrum for a 

wide band system. In fact, the ratio of the average mainlobe to peak sidelobe for the 

spectrum shown as a solid curve in Figure 5.4 is greater than 12 dB. Compared with 

the conventional binary PN code spreading function shown in Figure 4.4, the proposed 

spreading function not only has a flatter mainlobe, but also has a larger ratio of the 

average mainlobe to peak sidelobe spectral density. Also plotted in Figure 5.4, for the 

purpose of comparison, is the power spectrum of a raised cosine weighted binary PN code 

spreading function. As explained earlier, this spreading function can be obtained with 

the architecture of Figure 5.2 by setting Al = —A3 = a and A2 = 0. 
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5.2 System Capacity Improvement Using the New Spreading 

Function 

It is assumed here that ideal low pass filters are used for the transmit and receive 

filters, specifically Ht( ,) and 11,(•) in the Figure 4.2 and 4.3. In this case, the SNR given 

by (4.9) can be simplified to: 

[f 27B Ssprd(f)df]2 
(SNR),„ = 2 

El:=2 Rk f=13 S;prd(f)df 

in which B is the bandwidth of the filters. This expression is rewritten as: 

(SNR),„ 

where 

2B  f 1 [4, issprd(f)dfp} 
Ef (c-2 Rk 1B 111-3B 5'prd(f)df 

2B

2 Rk 

Fbe = 
1 [L-B Ssprd(f)df12 

B 

(5.6) 

(5.7) 

(5.8) 

Factor Fbe is referred to as the bandwidth efficiency factor, which is a relative measure 

of the bandwidth efficiency of the spectrum of a spreading function. 

It is pointed out that the bandwidth efficiency factor Fbe is very similar to the ratio 

of Bell, where B eff is the effective bandwidth defined in (2.14). The difference being 

the limits of the integrals for the bandwidth efficiency factor are from —B to B, while 

they are from —oo to oo in the definition of Ben. The value of Fbe only depends upon 

the in-band portion of the power spectrum of the spreading function. For the proposed 

spreading function the values of the gains A1, A2, and A3 determine the value of Fbe. 

These gains can be chosen to optimize Fbe under the constraint that the peak of the 

out-of-band sidelobes is a specified number of the dB below the average spectral density 

of the mainlobe of Ssprd(f ). The curve showing the largest obtainable values of Fbe as a 

function of average mainlobe to peak sidelobe of the spectral density Ssprd(f) is shown in 

Figure 5.5. The chip rate expressed in terms of the bandwidth is T, = t, which means 
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the bandwidth coincides with the first null of Ssprd(f). 

In fact, for a DS-SS CDMA system with a conventional binary PN code spreading 

function and T, = B, i.e., Al = 1, A2 = A3 = 0, and band limited to the first null, the 

bandwidth efficiency factor Fbe is equal to 1.234. In this scenario the ratio of average 

mainlobe to peak sidelobe of spectral density is only 10 dB. The proposed spreading 

function has bandwidth efficiency factor Fbe = 1.628 for the same 10 dB ratio. In this 

instance, the proposed spreading function yields the system capacity increase of 31.5%. 

Conversely for a Fbe of 1.234, which is that of the conventional binary PN code spreading 

function, the ratio of the average mainlobe to peak sidelobe can be lowered to 20.5 dB. 
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5.3 Comparison of Spreading Functions in a Wide band Ap-

plication 

In a wide band application it is not reasonable to assume the filters are ideal, in which 

case the SNR given by (5.6) is not valid and the SNR given by (4.12) must be used. This 

SNR expression can be rearranged to give 

(SNR)CU
2B  1 2 [ir Ssprd(f )1Ht(f)11-H,  (f )lcos (0 Ht(f) — eHr(f))dfl2 

Eft,-2 Rk 1B fo S.prd(f)111t(f)12 11/7.(f)12df 

2B  
Fbe

Et=2 Rk 

where the bandwidth efficiency factor in a wide band system is defined as: 

(5.9) 

2 [fr Ssprd(f )iHt(f)111/4)1cos (oHt(f) — 0H-r(f))df12 Fbe (5.10) 
fr Sl.prd(f)111t(f)12 1114)12df 

Since SNR is proportional to Fbe as illustrated in (5.9), Fbe can be used as a perfor-

mance measure of the system. It is indicated in (5.10) that the value of Fbe in a wide band 

system depends not only on the shape of the power spectrum of the spreading function, 

but also on the phase mismatch in the transmit and receive filters. It is necessary to 

make assumptions about the filters before Fbe can be calculated. 

The type and the order of the filters will naturely influence the performance. For 

purposes of comparing different spreading functions, searching for a "most acutable" 

filter would take a lot of time and is therefore beyond the scope of this thesis. I instead 

the filter selection is made on the basis of available information regarding the effect of 

component tolerance on the frequency response. This information is available for low pass 

7th order elliptic analog filters [38] and for this reason this type of filter will be assumed 

for both the transmit and receive filters. The statistics of the phase and magnitude 

mismatches as well as other parameters taken from [38] for these 7th order elliptic filters 

are shown in Table 5.1. 

Three systems involving three different spreading functions are compared. The first 

uses the proposed spreading function with chip rate equal to half of the system bandwidth, 

and gains A1, A2, and A3 are the same as those for Figure 5.4. This system will be 
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Table 5.1 Characteristics of a low pass 7th order elliptic 
analog filter 

design cutoff frequency 
(system bandwidth, B) 

4.4 MHz 

passband edge frequency 
mean 

standard deviation 
temperature variation (0 to 70°c) 

4.36 MHz 
0.11 MHz 
±0.08 MHz 

passband ripple 
mean 

standard deviation 
temperature variation (0 to 700c) 

1.24 dB 
0.26 dB 
±0.20 dB 

stopband attenuation better than 60dB 

referred to as the "new" system. The second system uses a conventional binary PN 

code spreading function with a chip rate equal to twice of the system bandwidth. This 

spreading function is the one specified in the IS-95 standard, and therefore this second 

system will be referred to as the "IS-95" system. The third system uses the virtually 

unfiltered PN code spreading function and is therefore referred to as the "PN-code" 

system. The in-band spectral shapes of the three spreading functions are shown in 

Figure 5.6. 

The comparison is made on the basis of simulations involving 500, 000 trails. In each 

trail a value of Fbe is calculated, and the frequency responses of the transmit and receive 

filters used in the calculation are generated from the statistics listed above. The value 

of Fbe used as the simulation result is the lowest of the 500, 000 Fbe's calculated in the 

500, 000 trails. The simulation results are as follows: 

Fbe = 1.125 for the "new" system , 

Fbe = 0.954 for the "IS-95" system, 

Fbe = 1.027 for the "PN-code" system . 

Had these transmit and receive filters been perfectly matched, then the cos (•) term 

in (5.10) would be unity, and the bandwidth efficiency factors for the "new", "IS-95", 

and "PN-code" systems would be 1.5194, 1.8795, and 1.2064. Clearly the inclusion of the 
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Figure 5.6 In-band spectral shapes of the three spreading 
functions 

effects of phase and magnitude mismatches reduces the values of Fbe by 26.0%, 49.2%, 

and 14.8%, respectively. These are the worst case reductions. As previously stated, this 

is equivalent to reducing the SNR of the decision variable by the same percentage. 

If the Fbe's are compared with Fbe = 2, which is the bandwidth efficiency factor of an 

optimal system employing a spreading function with a flat spectrum and ideal low pass 

filters, it can be observed that the "new", "IS-95", and "PN-code" systems have Fbe 's 

that are 59.3%, 51.1%, and 52.8% of the optimum, respectively. 

Therefore, the simulation results are consistent with the discussion made in Section 

4.3, because, as illustrated in Figure 5.6, among the three spreading functions, the "IS-

95" spreading function has the most power and the "PN-code" spreading function has the 

least power near the edge of the pass band where the phase and magnitude mismatches 

of the transmit and receive filters are significant. 
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Table 5.2 SNR for the perfectly matched filters (20 users) 

(SNR),„ "New" System "IS-95" System "PN-code" System 
Gp = 100 Gp = 50 Gp = 100 Gp = 50 Gp = 100 Gp = 50 

calculated 15.99378 7.99689 19.784689 9.8923445 12.699063 6.3495215 
simulated 15.8512 7.4804 18.2776 9.9105 12.7381 6.2732 
error (dB) -0.04 -0.29 0.34 -0.008 -0.013 0.05 

Table 5.3 SNR for the worst case filters (20 users) 

(SNR). "New" System "IS-95" System "PN-code' System 
Gp = 100 Gp = 50 Gp = 100 Gp = 50 Gp = 100 Gp = 50 

calculated 11.84354 5.92177 10.04641 5.02321 10.81388 5.40694 

simulated 11.9082 5.6334 10.0279 5.0595 10.7624 5.4941 

error (dB) -0.024 0.217 0.008 -0.031 0.027 -0.069 

It is also pointed out that the same trail in the simulation produced the lowest Fbe 's 

for all three systems. This result is consistent with the conclusion in which it is stated 

that the bandwidth efficiency factor of a system depends on the frequency responses of 

the transmit and receive filters given a spreading function. 

Notice that the lowest Fbe in the "new" system is higher than the lowest Fbe 's in the 

"IS-95" and "PN-code " systems, even though the relative degradation caused by the 

phase and magnitude mismatches in the "new' system is not the smallest in the three 

systems. 

So it is reasonable to say that the proposed spreading function performs better than 

the others when the practical aspects of filter implementation are taken into account, 

at least for the example given here which has a bandwidth 4.4 MHz. If the system 

bandwidth is widened, the effect of the filter's phase mismatch is more severe and the 

proposed spreading function will have an even greater advantage. 

Some simulations were done for band limited DS-SS CDMA systems with the different 

spreading functions in a multipath fading channel in order to calculate the system SNR 

due to co-user interference. Table 5.2 gives the results of simulations and theoretical 

calculations in the case where the transmit and receive filters used in three systems 

are perfectly matched and their parameters are all taken to be the mean values, while 
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Table 5.3 shows the results in the case where the transmit and receive filters are the worst 

trail found in the calculations of Fbes. All the simulation results presented in the tables 

support (4.9) and related conclusions. 
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6. Analysis of a Restructured Re-

ceiver 

In Chapter 4, the analysis of the signal-to-noise ratio performance in a band limited 

DS-SS system has been given. However, it should be noticed that both the inputs to 

the despreader multipliers in Figure 4.3 are continuous time signals. This means that 

four quadrant multipliers, which are very expensive, especially in wide band applications, 

have to be used to despread the signal. In this chapter the receiver is restructured to 

eliminate the four quadrant multipliers. In section 6.1, the structure for a band limited 

DS-SS system that does not use four quadrant multipliers is introduced. Following this, 

an analysis of signal to noise ratio performance for the system is given. In section 

6.2, it is explained that linear phase band pass filters are required for the transmit 

and receive filters in the modified system. A possible SAW implementation for these 

linear phase band pass filters is investigated. Finally in section 6.3, the system capacity 

of a conventional system is compared with the one of a system utilizing the proposed 

spreading/despreading functions. 

6.1 A Receiver Without Four Quadrant Multipliers and Its 

Performance 

6.1.1 A Modified Receiver Model 

The receiver structure shown in Figure 6.1 is a modified form of the one shown in 

Figure 4.3. In the structure of Figure 6.1, the despreading function is not restricted to 

being the same as the spreading function. Also, the positions of the low pass filters in the 

RAKE receiver have changed. In this new structure the despreader can be implemented 

with switch multipliers. 

The transmitter associated with the receiver of Figure 6.1 is the same as that shown in 

Figure 4.2. No modification to the transmitter is required. When the spreading function 
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Figure 6.1 A band limited DS-SS receiver without four 
quadrant multipliers 

used in the transmitter is a conventional binary PN signal, the despreading function 

used in the receiver shown in Figure 6.1 can be the same as this PN signal. In this 

case the multipliers associated with the despreaders can be switches. However, if the 

spreading function is the one introduced in Chapter 5, then the despreading function can 

not be the same as the spreading function if the despreaders used in Figure 6.1 are to be 

implemented with switches. 

The structure used to generate the despreading function, as shown in Figure 6.2, is 

the same as that used in Figure 5.1. This differs from the structure used to generate the 

spreading function (Figure 5.2) in that the square clocks are not sinusoidally weighted. 

Obviously, the multiplier on the right of Figure 6.2 must be a four quadrant multiplier. 

However, this despreader can be restructured to eliminate the need for four quadrant 

multipliers. The multiplication in question can be distributed into three multiplications 

before the three gains Al, A2 and A3, as shown in Figure 6.3. Each of the three multi-
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Spread 
Input 

pliers in the despreader of Figure 6.3 has at least one binary input and therefore can be 

implemented as a switch. This modification does not change the despreading function. 

6.1.2 SNR of the System without four quadrant multipliers 

Since the transmitter structures of the systems with or without four quadrant mul-

tipliers are the same, based on the expression given in (4.3) for the received signal, the 

received low-pass equivalent signal at the antenna of user l's receiver can be expressed 

as: 

K Lk 

VIM = E E Gk Ake-39'k {[rnk(t — Tlk )pk(t — Tik)]* htk(t)} N(t) (6.1) 

k=1 1=1 

where N(t) is the low-pass equivalent of the background and thermal noise. On an 

arbitrary finger of the modified RAKE receiver (the despreader requiring no four quadrant 

multipliers shown in Figure 6.1), the received antenna signal, r(t), passes through a low 

pass filter after demodulation, and is then correlated with the local despreading function 

which is not low pass filtered. Therefore the output decision variable on the /th finger of 
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user l's receiver can be expressed as 

Spread 
• Input 

1 

f11 

T1+711 

1

V11 = - f[ReIV1(t)e i211° 1 cos (27r fot — On)]* hrl(t)}Pdl(t — rii)dt , (6.2) 
pp 

in which pdk(t), k = 1, • • • , K, represents the local despreading function for user k, and 

the signal component, Vas, as well as the co-user noise, Viicu, are given by 

and 

V118 

1 f Tl+Tii 

Ti Ini. 

COS2 (271-fot — On)} * hri(i)}Pdi(t — rii )dt 

-,  
1 

G11311— 
1 ,30 f c0 f z.+Tii 

mi.(t — Ta — a — 0)731(t -2T1 00_ J J 00 -- ill 
Pdi(t — Tll)hti(a)hri(13)dtdadi3 

Vllcu 

G1/311{{{[mi(t — TOP]. (t — Tn.)]* hil(t)} 

a - 0) 

1 11 4-. IC Lk 

T1 k=2 
G011s{{{[Mk(t rlk)Pk(t Tik)1 htket* il

=1 

cos (271-fot — 01k) cos (27rfot — Oa)} * hri(t)}pdi (t — Tii)dt 

(6.3) 
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K Lk 
n  1 = E E Gkpik 2T1 cos (0/k — 011) 

k=21=1 
f oo f oo 

TR —00 —00

Pd1(t — Tll )htk(a)hrl (/3)dad/3dt 

Mk(t — Tik — a — 13)pk(t — Tlk a 0) 

(6.4) 

respectively. 

The above two equations differ slightly from (4.5) and (4.7). There is a different 

despreading function and some of the functions in the integrand of the triple integral are 

time shifted. 

(6.3) and (6.4) can be simplified without sacrificing significant accuracy. When the 

chip rate is an integer multiple of the data and the spreading function is phase synchro-

nized to the data waveform so that the transitions in the data waveform coincide with 

chip boundaries, then multiplying the spreading function by user k's data produces a 

random sequence of chips with the same statistics as the random spreading function [15]. 

In this case, the data does not affect the statistics of the integrand and therefore can be 

removed. Thus (6.3) and (6.4) can be simplified as 

and 

Vllcu 

1 jr=0 1 00 
G1,311— (t — — — 13)pdi (t — Ta) 

2T1 -00 -00 Tal 

hti (a)hri (/3)dtdad/3 

GiOn lc° Too 1 ri+Tii 

2 . 
hti(a)hr1(0)dad,3 

G1011  R
2 

pip.(T)* hti(r)* hri(

Nll fo 
Spipdi (f)liti(f)Hri(f)df 

K Lk 1= E E Gkpik-2T1 cos (0/k — Oa) 
k=2 1=1 

Tl+Tllf 00 00 

Pk(t Tlk a /3 )Pd1(t rii )htk(a)hri(13)dadf3cit 

(t — — a — 0)pdi(t — 

111 -oo -oo 

(6.5) 
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K Lk 
f, 1 Ti E E Gkpik-- 

2T1 
cos (0,k _ 0 )1 yik(t)dt , 

k=2 1=1 "rt1 
(6.6) 

where Rpipdi ,T, ( 1 is the cross-correlation of the spreading function pi(t) and the despread-

ing function pdi (t), Splpol ( Hti(f) and liri(f) are the Fourier transforms of Rpl pol (T 

hti(t) and hri(t), respectively, ylk(t) is defined as fff r oc, pk(t — 71k — a — 13)pdi(t — 

m)htk(a)hri(13)dad,3 and can be treated as a wide sense stationary process. 

The final signal output in the RAKE receiver for user 1 can be expressed as 

vis = E Gionyis 1=1 
Ll G12,3121

Spipdl(f)Hti (i)Hri(f)df • 
1=1 

(6.7) 

Under perfect power control, i.e., Eh 
G12202 
--u- T

, 
I = RI, then the above equation can be 

further expressed as 

V1.5 = Rl E 0 SPipdi(f)Hti(i)11,1(f)df (6.8) 

The mean and variance of the co-user noise can be found from (6.6). Since elk , 1 = 1, 

• • •, Lk , k = 1, • • •, K, the random variables, are independent and uniformly distributed 

in the interval [0, 27r], the mean of the co-user noise is given by 

E {1711.} 
K L k Ti -Ern 74 1 f  i 

= E {E E \-1-10-'lky--
Tl

cos (vn ik — 011) 
k=2 1=1 11 cif 

K Lk 1 T1+711 , 
= E 2- LTkPik2T1rj 1./ 

Yik(t)dt} E {cos (elk — On)} 
Q   1 i 

\--, 
k=2 1=1 111 

= 0. (6.9) 

yik(t)dt} 

Usirig a well known expression for the variance of the integral of a wide sense stationary 

stochastic process leads to the following equation for the variance of Yr.: 

2 
0-17. , ticu 

K Lk G/
1" 

33, IT,. 17 EE  k (1 — —1 )Cik(r)ch- , 
k=21=1 8T1 -T1 

(6.10) 
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where 

Clk(T) = E fyik(t)yik(t — T)} 

E {I: j : Pk(t — T1k — a — 0)Pdi(t — rii)htk(a)hri(0)dadO 

00 

Pk(t — T1k — 7 — a — 0')pdi(t — Tri — r)htk(a1)11,1(0')da' diY} I 00 
I= '00 _00 _00 _00 r r r_ E {Pk(t — — a — 13)Pk(t — Tik — 7 — — 0')} 

E {Pal@ — TONI(t — 711 — T)} 

htk(a)htk (a')11,,i(0)hri(0')dada' 430' 

= {
00 00 00 00 

.1
oo f  

J-00 J-00 J-00R
PkPk ( 

 7+ a' + — a — )3)htk(a)htk(a') 

hri(13)hrl(/ 3' )dada l ' } R PctiPdi(7 ) 

= [Rp k pk (T) * htk(T) * htk( — T) * h r l(T) * h r l( — 7)1 Rpdipol
 (7) . (6.11) 

For a large spreading gain, i.e., T1 >> Tc, 

— OCik(r)dr 

'-=J J7,0 Cik(T)dr 

= {[Spkpk(f)Htk(f)Htk( — f)Hri(f)Hri(— Pi* Spdipcii(fil 
= f 0oo Sp,pk(f)Spdipdi (f)11/tk(f)I2 Iliri(f)Fdf 

Finally, the variance of V icu can be written as 

K L k r21.2 /V Likt-,/k 00 s 
Vdlcu pkpkki )-pdipdi(f)Illtk(f)121Hri(f)12df 

k=21=1 8211 -00 

(6.12) 

(6.13) 

After getting expressions for variances of co-user noise at the outputs of the fingers 

of the RAKE receiver, the variance of co-user noise in the decision variable of the RAKE 

can be obtained. It is the sum of the variances of co-user noise at the output of each 

finger, and is given by 

L1E (32101210.v12 2 

1=1 
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. E cwi A' LE' Gg 12k r Spkpk(f)Spdipdi(Alitk(f)12 11-1,1(f)12df 
1=1 k=2 1=1 1 -00 

1 K r

= 2 -fq ERk i spkpk(f)spdipdiuwitk(f)121Hri(f)12df . k=2 -0, 
(6.14) 

From (6.8) and (6.14) with assumption that Sp k p k (f) = Ssprd(f), SpdkPdk( f ) = Sdsprd(f), 

Sp h p dk (f) = S„„,(f), Htk(f) = Ht(f) and Hrk(f) = Hr (f) for k = 1, • • K, the signal to 
v2 

co-user noise ratio of the output decision variable in the RAKE receiver, (SNR),„ = 
Cr1CU 

is then given by 

(SNR)cu = 2 .. [L". f )Ht f f )dfi 2  (6.15) 
EL2 Rk fffoo Ssprd(f)SdsPrd(f)111t(f)121114)12df 

When the spreading function and despreading function are exactly the same, i.e., 

Scross(f) = Ssprd(f) = Sdsprd(f), the above equation is almost the same as (4.9), except 

the frequency response, Hr(f), is flipped in frequency about f = 0, i.e., Hr(f) is used 

instead of Hr(- f). 

It may not be obvious from (6.15) that the spectra of the spreading and despreading 

functions can only improve the SNR to a point. This upper limit is derived by first 

expressing the product S3prd(f )Sdsprd(f ) in terms 

of Scross(f) and then using Schwarz's inequality. 

The derivation of the upper bound begins by expressing the product Ssprd(f)Sdsprd(f) 

in terms of Scross(f). As stated in chapter 5, a spreading function, Ysprd(t), can be 

expressed as an output of a linear system hsprd(t) with an input sequence Xin(t), i.e., 

Ysprd(t) = Xin(t)* hsprd(t). (6.16) 

Similarly, a despreading function, Ydsprd(t), can be expressed as 

Ydsprd(t) = Xin (t) * hdsprd(t) (6.17) 

where hdsprd(t) is the impulse response of the linear system to the despreading function. 

69 



The power spectra of the spreading and despreading functions can be written as 

Ssprd(f) =. Sx(f)IIIsprd(f)12

Sdsprd(f) = Sx(f)1Hdsprd(f )12 (6.19) 

respectively. The cross power spectrum of the spreading and despreading functions is 

given by 

Scross (f) = Sx(f)Ildsprd(1)11:prdU) 

where * signifies complex conjugate. Therefore, 

Ssprd(f)Sdsprd(f) = S3c(f)Hsprd(f)H:prd(f)Hdsprd(f)HIprd(f) 

= Scross(f)S'c'ross(f) 

= IS cr.(f )12 • 

(6.20) 

(6.21) 

The upper bound of the SNR can now be obtained by bringing (6.21) into (6.15), and 

then using Schwarz's inequality. Taking the substitution yields 

(SNR),. = 2  [f 00 Scross(f)Ht(i)Hr(f)dfi2 

EL2 Rk fff„,„ I Scro.;8(f)12 11-It(f )121H, (f )12 df 
(6.22) 

Using Schwarz's inequality [43] on the numerator with the integrand treated as the 

product of two functions: F(f) = Scross(f)Ht(f)Hr(f), g( f) = 1, and restricting Ht(f) 

and Hr(f) to be zero outside the interval [—B B], allows the following: 

[ffoo Scross(f)Ht(f)Hr(f)df]2 F(f)g(f)df]2 

,iffooiScr.s(f)12 111t(f)12 111,(Mdf IF(f)g(f)12df 

fB 1F(.02df .g3B g(f)df < 
1::131F(f)12df 

= 2B. (6.23) 
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Substituting this inequality into (6.22) produces 

4B 
(SNR). < AD • 

L' k=2 

(6.24) 

The equality in (6.24) holds if and only if F(f) = constant x g(f) [43]. Therefore, the 

maximum (SNR),„ occurs for Ht(f)Hr(f) = constant  . 
In other words, the maximum SNR scr.s k,, 

occurs when the product of the frequency responses of the transmit and receive filters 

has phase response equal to the negative of the phase of Scr„,(f), and the magnitude 

responses of the filters whiten the in-band portion of the spectrum. This is a more 

general conclusion than could be optioned from (4.9) where the spreading and despreading 

functions were restricted to being the same. 

6.2 Implementation of Spectrum Shaping — Surface Acoustic 

Wave (SAW) Filters 

6.2.1 Requirement for the Spectrum Shaping 

As stated in section 6.1, the transmit and receive filters have a key role in achieving 

the highest possible system capacity. There are several technologies that may be used for 

these "spectral shaping" filters. At baseband, there is a choice between active analog or 

digital filters. It is more difficult to get a precise frequency response with an active analog 

filter using capacitors and inductors. There is no difficulty in getting precise frequency 

responses from digital filters. However, digital filters are expensive and can not operate 

in wide band applications due to their limited processing capacity. 

At the intermediate frequency (IF) range, the realization of spectral shaping by LC 

filters is very difficult. The main problems lie in the accuracy and temperature stability 

of inductors and capacitors. Ceramic filters are another possibility for spectral shaping 

at IF. The disadvantage of ceramic filters at present is the accuracy and reproducibility 

of their transfer functions. 

The use of surface acoustic wave (SAW) filters for spectral shaping has many advan-

tages in comparison to the alternative technologies. The major advantages of the filters 

are their small size, high reliability, low cost, high Q, good reproducibility, temperature 

stability, wide dynamic range, and linear phase response, as well as special characteris-
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tics relevant to specific applications. The only disadvantage of the surface-acoustic-wave 

technology is the high insertion loss (IL) that results in order to suppress the disturbing 

triple-transit signal to an acceptable level. Recently, however, high performance SAW 

filters with 1) low insertion loss, 2) sharp cutoff frequency response, and 3) high sidelobe 

suppression are becoming available [44, 45, 46, 47]. 

The main purpose in the filter design is to match the phase response of the transmit 

and receiver filters to the phase of the reciprocal of Scross(f ). Since the phase component 

of Scross(f)  is essentially zero, the challenge is to build zero phase shift filters. It is 

actually just as valid to build linear phase filters since the delay through the filters can 

be offset by delaying (synchronizing) the despreading function. Mathematically speaking, 

delaying the despreading function changes the phase of Scross(f) by 021rfp, where D is 

the delay. This phase is exactly that of a linear phase filter with group delay D. i.e., 

using SAW filters with linear phase responses can satisfy the optimum phase condition 

for the maximum SNR in a band limited CDMA system. In this case, (6.22) can be 

written as 

(SNR),„ = 2  scross(f)fit(f)fir(f)df12 

Eikc.2 Rk IScross(f)12-11N)figndf 
(6.25) 

where flt(f) and fir(f) are the baseband magnitude responses of the transmit and receive 

linear phase SAW filters. 

6.2.2 Linear Phase Response of a SAW Filter 

A surface acoustic wave is a high-frequency (VHF/UHF) sound wave that propagates 

with low-loss on a polished crystal surface. The filtering characteristics of a SAW device 

are achieved through the electrical-to-acoustical and vice versa energy conversion in in-

terdigital transducers (IDTs) on piezoelectric substrates, as shown in Figure 6.4. Each 

electrode pair taps the acoustic wave along the surface, providing direct control of the 

device impulse response. Thus a SAW filter is described in terms of its impulse response, 

from which its frequency response is calculated by a Fourier transform. 

The starting point for the design is the well known delta impulse model of the SAW 

filter. The delta function model is really a representation of an ideal transversal filter 
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SAW SAW 

SAW ABSORBER SAW ABSORBER 

Figure 6.4 Outline of a basic SAW filter on a piezoelectric 
substrate 

as sketched in Figure 6.5. In the time domain, the output y (t) of the filter is the super-

position of the weighted outputs of delay elements subjected to an input stimulus x(t). 

In terms of SAW IDT parameters, an corresponds to the finger overlap of the n th finger 

pair, while Tn is the accumulative delay time for the SAW to traverse to the nth finger 

pair. For a finite number of such finger pairs, this filter has a finite impulse response 

(FIR). 

The filter transfer function of a SAW filter, consisting of an unapodized IDT and a 

tap weighted IDT, is given in [48] by: 

M N 

1-1(f) = EE m=1 n=1 
M N 

L=1 

E am e—i-x- bfu E n
=1

eiwyni, 

am bnejw(Yn -Xm )iv 

(6.26) 

in which M and N are the numbers of taps in the both transducers, am is the nith

weighting coefficient of the input IDT, bn is the nth weighting coefficient of the output 

IDT, Yn —Xm is the distance between tap in and n, and = 2"Al-r is the wave number. The 

term inside the first bracket of (6.26) is just the Fourier transform of Emm=.1 am 6(t — 1-(L-71, ), 

where the delta function 6(t — ) represents the sources at the finger edges. The same 

situation holds for the term inside the second bracket. Thus the total frequency response 
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A 

= a 
V 

= nT 

(a) Finger pair placement and apodization of an IDT 

Input 
T„  

_ I _L 

Output y(t) 

(b) Transversal filter equivalent circuit representation 

Figure 6.5 A transversal filter 

H(f) is the product of the transfer function of the input transducer Hiri (f) multiplied 

by the complex conjugate of the transfer function of the output transducer Hout(f): 

H(f) = Hin(f)11:0(f) 

111(f)1 = illin(Pi i-Hout(f)1 

LH(f) = Hin(f) — Hout(f), 

(6.27) 

(6.28) 

(6.29) 

where L H(f), L Hin(i), and L Hout(f) are the phase responses of the filter, input IDT 

and output IDT, respectively. 
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For the special case of a SAW filter with uniform IDT finger spacing, we can set 

= m Tx = n Ty, where Tx, Ty are the times for the SAW wave to traverse 

between adjacent electrodes in the input and output IDTs, respectively. The transfer 

function shown in (6.26) can then be reduced to 

Hin(f) = 

Hout(f) = 

M-1 
e 

inirx w

m=0 

N -1 

E bne-jnryw 

n=0 

(6.30) 

(6.31) 

which are exactly the frequency responses of two FIR digital linear phase filters. In fact, 

as long as an apodized transducer is symmetric about its centre electrode, the group 

delay of the filter is independent of frequency [49]. 

6.2.3 Deviations from Ideal Responses in SAW Filters 

The above introductory presentation assumed that the SAW filters were operating 

under ideal conditions. As with all other filters, however, practical SAW filters are not 

ideal devices. Various things perturb the ideal environment to some degree and degrade 

the filter response. 

1. Inherent Insertion Loss of Bidirectional IDTs 

Consider that the elementary bidirectional IDT of Figure 6.6 with uniform finger 

spacing and constant finger overlap, is employed as the input IDT in a SAW filter. When 

it is excited by an ac stimulus within its frequency range, a surface acoustic wave will 

flow outward in both directions along the propagation axis. If the incident signal power 

Pin is normalized to Pin = 1 W, then P = a W will be transported towards the output 

IDT, while P = aW will be lost for signal processing purposes, although this latter 

portion can contribute to interference if SAW waves are allowed to reflect from the ends 

of the piezoelectric crystal. The inherent loss of the input IDT will thus be 3 dB, there 

will also be 3 dB loss at the output for a bidirectional output IDT. The inherent overall 

loss of a SAW filter with such IDTs in the input and output is then 6 dB. 

2. Triple-Transit-Interference 

Triple-transit-interference (TTI) is due to multiple SAW reflections between bidirec-
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(a) Elementary bidirectional IDT with uniform finger spacing 
and constant finger overlap, Z, is the source impedance. 

Pin = 1 (normalized) 

INPUT 
IDT 

Absorber 

Pout = 

OUTPUT 
1  
8 8 

Absorber 

10/ogio(Pout/Pin) =-10/ogio(1/ = —6 dB 

(b) Power flow in bidirectional IDTs. The power at A and B is absorbed 
or "lost". The power re-emitted at T can contribute to TTI. 

Figure 6.6 A bidirectional IDT and power flow in bidirec-
tional IDTs 

tional input and output IDTs. This is normally due to regenerative effects caused by the 

current flow in IDTs. Some of the SAW power received by the output IDT is re-radiated 

into the piezoelectric crystal. That portion from the output IDT, which arrives back 

at the input, can lead to further regeneration of a SAW wave. As a result, the main 

voltage signal induced in the output IDT is corrupted by additional voltages due to these 

multiple SAW reflections. The regenerated wave arriving back at the output IDT, after 

two traverses, will be delayed from the main signal arriving there. The path differences 

between the main and doubly reflected SAW signal results in amplitude and phase ripple 

across the SAW pass band. 

Figure 6.7 shows relative power levels due to TTI in a SAW filter with matched 

source and load impedance. As shown, the output power level due to the main input 
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Pin = 1 (normalized) 
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INPUT
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1/32
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Pout 
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1/8  IDT

Absorber 

RL 

TTI = 10/ogio( P P = ) 12 dB out, - in = 10/Ogio( 

Figure 6.7 Power flow for triple-transit-interference in bidi-
rectional IDTs 

signal is /30,,t = 4W, relative to the input stimulus normalized to 1 W. This is because 

one-half of the SAW power absorbed by the output IDT is re-emitted as surface wave 

energy. As a result of multiple traverses, the additional output signal due to TTI has 

a power level PTTI = ;171 W. The ratio of the two power levels is PTTI Pout = —116 or 

PTT I / Pout = 10 logio (1/16) = —12 dB. This TTI level is significant compared to the 

main signal received at the output. The two voltage phasers will add and subtract as 

a function of frequency, giving rise to unacceptably large ripples in the output voltage 

signal. 

With bidirectional IDTs, the only way around this situation is to deliberately mis-

match the source and/or load impedances. As an extreme mismatch example, there will 

obviously be no SAW regeneration and TTI if the output IDT is completely shorted out, 

since SAW emissions from the input would flow essentially unperturbed under the out-

put IDT. For this extreme condition, however, the insertion loss would be infinite. For 

less extreme mismatching, the solution is to increase the filter insertion loss by a finite 

amount above the inherent 6 dB value with bidirectional IDTs. Table 6.1 lists amplitude 

and phase ripple values commensurate with various levels of TTI suppression, achieved 

by mismatching source and/or load impedances by different amounts. 

The added insertion loss required by this technique to reduce the ripple transit echo 

is often a disadvantage. Usually a designer wishes to obtain low insertion loss simultane-

ously with low ripple. This can be accomplished by other techniques, but at the expense 

of increasing the complexity of the filter. 
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Table 6.1 Peak-to-peak amplitude and phase ripple values 
for various levels of TTI suppression in a SAW 
filter with bidirectional IDTS and CW input sig-
nal excitation 

TTI Suppression 
(dB) 

Amplitude Ripple 
(dB) 

Phase Ripple 
(degrees) 

12 (match) 4.46 28 
16 2.78 18 
20 1.74 11.4 
24 1.09 7.2 
28 0.69 4.6 
32 0.43 2.9 
36 0.27 1.8 
40 0.17 1.1 
44 0.11 0.72 
48 0.07 0.46 
52 0.04 0.29 
56 0.02 0.18 

3. Limited Rejection 

Factors that limit out-of-band rejection in SAW bandpass filters are: 

• Improper tap weighting on the fingers of the transducers; 

• Realization of high sidelobe suppression is difficult because of the effect of a finite 

window function; 

• SAW distortion effects; 

• Spurious acoustic responses; 

• Direct electrical feedthrough [50]. 

Out-of-band rejection better than 60 dB has been available with weighting techniques 

such as finger overlap, finger withdrawal, phase weighting, and multistrip couplers used 

to couple apodized transducers on lithium niobate. 

6.2.4 Consideration of SAW Filter Design 

Typical RF frequencies for mobile telephone systems vary from 450 MHz to up to 2 

GHz. Typical relative bandwidths are between 2% and almost 5% of the carrier frequency. 
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Because of this and other reasons to follow, the SAW filters needed for mobile commu-

nications must be quite different from those used for television. First, the centre frequency 

in mobile communication applications is higher. The centre frequency is severely limited 

by the finger width, the lower limit which is governed by the capabilities of the production 

equipment. Second, because it is for high frequency use, amplification is more difficult. 

In addition, because the power consumption is an issue, the insertion loss must be kept 

at a minimum. Third, a relatively wide pass band is needed for a SAW filter. Finally, 

it must be small, light-weight and surface-mount technology (SMT), that is suitable for 

mounting in portable telephones. In other words, the ultralow loss and low-passband rip-

ple performance, combined with the superior out-of-band rejection capabilities of SAW 

bandpass filters, are required for mobile telephones. 

Since low-loss is a requirement, all RF filters must somehow circumvent the inherent 

bidirectionality losses of conventional transducers. In practice, there are several ways to 

do this: 

• Employ inherently unidirectional transducers such as simple-phase unidirectional 

transducers (SPUDT's), as shown in Figure 6.8 (a); 

• Use multi-phase UDT's, as shown in Figure 6.8 (b); 

• Use repetitive structures that guarantee 'the acoustic energy radiated in two di-

rections by a bidirectional input transducer is received by two output transducers 

placed on the both sides of the input element; 

• Use resonant configurations, as shown in Figure 6.9, in which an energy loss is 

prevented by very strongly reflecting reflectors [47]. 

The minimum insertion loss obtained with inherently unidirectional transducers is 

typically less than 3 dB [51]. All of these designs invoke some trade-offs between insertion 

loss, fractional bandwidth and close-in sidelobe suppression, so that bandwidths limited 

by the unidirectional behaviour are too small for mobile telephone applications and it 

could be impossible to attain a small passband ripple and a low insertion loss at the 

same time [47]. For these reasons, repetitive structures and resonant configurations have 
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Input SPUDT Output SPUDT 

 N? 
Grating reflector banks 

(b) Low-loss SAW filter 
using single-phase unidirectional transducers (SPUDTs) 

Voltage 
(phase 1) 

Voltage 
(phase 2) 

Voltage 
(phase 3) 

SAW 

(a) Three-phase IDT 

Figure 6.8 Unidirectional transducers 

been the prime choice when dealing with mobile phone RF applications. Especially, 

nonrepetitive resonant configurations using IDT's backed by reflectors to make them 

quasi-unidirectional have exhibited advantageous characteristics [52, 53]. 

An insertion loss of as small as 1 dB with a small passband ripple and a bandwidth 

of greater than 5% of the carrier frequency have been demonstrated for SAW filters [47]. 

These filters are either resonant configurations or repetitive structures such as so-called 

interdigitated interdigital transducer (IIDT) filters which consist of a series of IDT's 

alternately connected to the electrical input and output ports, as shown in Figure 6.10. 

However, all these filters have been suffering from the limited stopband rejection of less 

than 30 dB. 

A low-loss SAW filter with a sharp cutoff and a frequency response with high sidelobe 

suppression has been achieved using a new phase weighting approach to image-impedance 

connected IDT's (a new resonant filter configuration) [44]. The new phase weighting 
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Input 

IDT IDT 

Output 

Figure 6.9 Schematic layout of a low-loss SAW filter with 
resonant configuration 

Input 

I I • • • 

Output 

Figure 6.10 Schematic layout of an IIDT structure (I=input 
transducers, O=output transducers) 

x 

offers not only performance nearly equivalent to that of amplitude weighting, but also 

low-loss frequency response. Image-impedance connected IDT resonant configuration 

provides low loss as well as a sharp cutoff response. As a result, this high performance 

SAW filter not only ensures insertion loss as low as 3.5 r  4.0 dB and over 50 dB 

high sidelobe suppression, but also satisfies all the frequency response requirements for a 

mobile telephone transceiver. All characteristics of this SAW filter are explained in [44] 

and some of them are summarized in Table 6.2. 

Table 6.2 Characteristics of a SAW filter for mobile tele-
phone 

Centre Frequency 
Bandwidth (1 dB down points) 
Insertion Loss 
Passband Ripple (amplitude) 
Passband Ripple (phase) 
Sidelobe Suppression 
Rejection Bandwidth 

830 MHz 
25 ti 27 MHz 
3.5 — 4.0 dB 
+0.3 dB 
+2° 
> 50 dB 
> 60 MHz 
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6.3 Numerical Comparison of System Capacities with Differ-

ent Spreading Functions 

6.3.1 Expression of SNR in a DS-SS System with Linear Phase 

Distorted SAW Filters 

When linear phase distortion of SAW filters is taken into account, the SNR expressed 

by (6.25) can be modified as 

(SNR),„ = 2[f-°° S„.(f)flt(f)-fir(f)e3Wt(f)+A61,-(f)>C2 

ELC=2 Rk f oo IScross(f)12f1?(f)fl?(f)df 
(6.32) 

where Aet(f) and Aer(f) represent the linear phase distortion of the transceiver SAW 

filters at the baseband, respectively. 

6.3.2 Simulation Model for SAW filters 

The Remez Exchange Algorithm, a computation tool for the design of finite impulse 

response (FIR) linear phase digital filters, furnishes a finite set of impulse response coef-

ficients for the digital filter synthesis. It yields an optimum approximation to the desired 

frequency response. So, a FIR filter model, defined by its finite impulse response coeffi-

cients, can be built to simulate the SAW filter specified by Table 6.2. Table 6.3 list the 

output data obtained with the Remez program in MATLAB. 

The filter prototype band specifications used in the Remez Exchange program from 

0 Hz to the Nyquist frequency 1660 MHz are listed at the bottom of Table 6.3. Also in 

the same table are achievable values returned by the Remez Exchange program: 

• For the lower stop band which is from 0 Hz to 799 MHz and with desired gain of 

0, the minimum stop band attenuation is specified at 50 dB, the Remez Exchange 

program produced a response that achieves a 50.8 dB minimum stop band attenua 

tion ; 

• For the pass band which has lower and upper edges at 817.5 MHz and 842.5 MHz, 

respectively, and a desired gain of unity, the maximum allowable ripple is specified 

at 0.3 dB, the impulse response produced by the Remez Exchange program achieves 

a maximum ripple of 0.3125 dB, which is slightly poorer than the specification. 
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Table 6.3 Remez algorithm output data for the SAW band-
pass filter 

FIR Linear Phase Digital Filter with Length Equal to 401 
Impulse Response 

H(0) 0.0015 11(400) 
11(1) 0.0002 11(399) 
11(2) -0.0004 11(398) 
H(3) 0.0001 11(397) 
11(4) 0.0002 1(396) 
11(5) 0.0001 11(395) 
11(6) -0.0004 11(394) 
11(7) 0.0001 11(393) 
11(8) 0.0002 11(392) 
H(9) 0.0001 11(391) 
H(10) -0.0005 11(390) 
H(11) 0.0001 11(389) 
1(12) 0.0003 11(388) 
11(13) 0.0001 H(387) 
1(14) -0.0005 11(386) 
11(15) 0.0000 11(385) 
H(16) 0.0003 11(384) 
11(17) 0.0001 11(383) 
11(18) -0.0004 11(382) 
11(19) 0.0000 11(381) 
11(20) 0.0003 11(380) 
11(21) 0.0001 11(379) 
11(22) -0.0004 1(378) 
11(23) 0.0000 11(377) 
11(24) 0.0003 11(376) 
H(25) 0.0001 11(375) 
H(26) -0.0004 H(374) 
11(27) 0.0000 11(373) 
1(28) 0.0003 11(372) 
H(29) 0.0001 11(371) 
H(30) -0.0003 11(370) 
11(31) 0.0000 1(369) 
11(32) 0.0002 11(368) 
11(33) 0.0001 11(367) 
11(34) -0.0002 11(366) 
11(35) 0.0000 11(365) 
11(36) 0.0001 11(364) 
11(37) 0.0001 1(363) 
11(38) -0.0001 H(362) 
11(39) -0.0001 H(361) 

H(100) -0.0022 H(300) 
11(101) 0.0000 11(299) 
11(102) 0.0021 11(298) 
11(103) 0.0000 11(297) 
11(104) -0.0020 H(296) 
11(105) 0.0000 11(295) 
11(106) 0.0019 11(294) 
1(107) 0.0000 11(293) 
11(108) -0.0017 11(292) 
11(109) 0.0000 11(291) 
11(110) 0.0015 11(290) 
11(111) 0.0000 11(289) 
H(112) -0.0013 11(288) 
11(113) 0.0000 11(287) 
11(114) 0.0011 11(286) 
11(115) 0.0000 11(285) 
H(116) -0.0008 11(284) 
H(117) 0.0000 H(283) 
11(118) 0.0005 11(282) 
H(119) 0.0000 11(281) 
11(120) -0.0002 11(280) 
11(121) 0.0000 11(279) 
1(122) -0.0001 H(278) 
11(123) 0.0001 11(277) 
11(124) 0.0005 11(276) 
11(125) -0.0001 11(275) 
H(126) -0.0009 11(274) 
11(127) 0.0001 H(273) 
11(128) 0.0013 H(272) 
11(129) -0.0001 H(271) 
11(130) -0.0017 11(270) 
11(131) 0.0001 11(269) 
11(132) 0.0022 11(268) 
11(133) -0.0001 11(267) 
11(134) -0.0027 11(266) 
11(135) 0.0001 11(265) 
11(136) 0.0032 11(264) 
11(137) -0.0001 11(263) 
11(138) -0.0037 11(262) 
11(139) 0.0001 11(261) 
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continued 
H(40) 0.0000 H(360) 
1(41) 0.0001 11(359) 
11(42) 0.0001 11(358) 
H(43) -0.0001 11(357) 
H(44) -0.0002 1(356) 
11(45) 0.0001 11(355) 
11(46) 0.0002 11(354) 
H(47) -0.0001 11(353) 
11(48) -0.0003 11(352) 
11(49) 0.0001 11(351) 
H(50) 0.0004 11(350) 
11(51) -0.0001 11(349) 
11(52) -0.0005 11(348) 
11(53) 0.0001 H(347) 
11(54) 0.0006 11(346) 
11(55) -0.0001 11(345) 
11(56) -0.0008 11(344) 
H(57) 0.0001 11(343) 
H(58) 0.0009 11(342) 
1(59) -0.0001 11(341) 
11(60) =7- -0.0010 11(340) 
H(61) 0.0001 H(339) 
1(62) 0.0011 11(338) 
11(63) -0.0001 11(337) 
11(64) -0.0012 11(336) 
11(65) 0.0001 11(335) 
11(66) 0.0013 11(334) 
11(67) -0.0001 11(333) 
11(68) -0.0015 11(332) 
1(69) 0.0001 11(331) 
11(70) 0.0016 11(330) 
11(71) -0.0001 11(329) 
H(72) -0.0017 11(328) 
11(73) 0.0001 11(327) 
H(74) 0.0018 11(326) 
11(75) -0.0001 H(325) 
11(76) -0.0019 11(324) 
H(77) 0.0001 11(323) 
11(78) 0.0020 H(322) 
11(79) -0.0001 11(321) 
11(80) -0.0021 11(320) 
11(81) 0.0001 H(319) 

11(140) 0.0042 11(260) 
11(141) -0.0001 H(259) 
H(142) -0.0048 = 11(258) 
H(143) 0.0001 11(257) 
11(144) 0.0053 11(256) 
11(145) -0.0001 11(255) 
11(146) -0.0059 11(254) 
11(147) 0.0001 11(253) 
11(148) 0.0065 11(252) 
11(149) -0.0001 11(251) 
H(150) -0.0071 11(250) 
11(151) 0.0001 11(249) 
11(152) 0.0077 11(248) 
11(153) -0.0001 11(247) 
11(154) -0.0083 H(246) 
11(155) 0.0001 11(245) 
11(156) 0.0089 11(244) 
11(157) -0.0001 11(243) 
H(158) -0.0095 H(242) 
11(159) 0.0001 11(241) 
11(160) 0.0100 11(240) 
11(161) -0.0001 H(239) 
11(162) -0.0106 11(238) 
11(163) 0.0001 11(237) 
11(164) 0.0112 11(236) 
11(165) -0.0001 11(235) 
11(166) -0.0117 11(234) 
H(167) 0.0001 H(233) 
11(168) 0.0123 11(232) 
11(169) -0.0001 11(231) 
11(170) -0.0128 H(230) 
11(171) 0.0001 - 11(229) 
11(172) 0.0133 11(228) 

11(173) -0.0001 11(227) 
11(174) -0.0138 11(226) 
11(175) 0.0001 11(225) 
11(176) 0.0142 11(224) 
11(177) -0.0001 11(223) 
11(178) -0.0146 H(222) 

11(179) 0.0001 11(221) 
11(180) 0.0150 H(220) 
H(181) -0.0001 11(219) 
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continued 
H(82) 0.0022 11(318) 11(182) -0.0154 11(218) 
H(83) -0.0001 11(317) 11(183) 0.0001 11(217) 
H(84) -0.0023 H(316) 11(184) 0.0157 H(216) 
H(85) 0.0001 H(315) 11(185) -0.0001 11(215) 
H(86) 0.0023 H(314) 11(186) -0.0160 11(214) 
H(87) -0.0001 11(313) 1(187) 0.0001 11(213) 
11(88) -0.0023 11(312) 11(188) 0.0163 11(212) 
H(89) 0.0001 H(311) 11(189) -0.0001 11(211) 
H(90) 0.0024 11(310) 11(190) -0.0165 11(210) 
1(91) -0.0001 11(309) 11(191) 0.0000 11(209) 
H(92) -0.0024 1(308) 11(192) 0.0167 11(208) 
H(93) 0.0001 H(307) H(193) 0.0000 11(207) 
1(94) 0.0024 11(306) 11(194) -0.0168 11(206) 
H(95) -0.0001 11(305) 11(195) 0.0000 11(205) 
H(96) -0.0024 11(304) 11(196) 0.0169 11(204) 
11(97) 0.0001 11(303) 11(197) 0.0000 H(203) 
H(98) 0.0023 11(302) 11(198) -0.0170 11(202) 
H(99) 0.0000 11(301) 11(199) 0.0000 11(201) 

11(200) 0.0170 
Lower Stop Band Pass Band Upper Stop Band 

Low Band Edge (MHz) 0 817.5 861 
Upper Band Edge (MHz) 799 842.5 1660 
Design Gain 0 1 0 
Remez Weighting 1 0.2741 1 
Insertion Loss (dB) 3.5 
Pass Band Ripple in dB 0.3125 
Desired Ripple in dB 0.3 
Side lobe Suppression 0.0028840 0.0028840 
Side lobe Suppression in dB -50.8 -50.8 
Desired Suppression in dB -50 -50 

• For the upper stop band which extends from 861MHZ to 1660 MHz, with desired 

gain of 0, a minimum stopband attenuation is specified at 50 dB , the Remez 

Exchange program produced a filter with a minimum stop band attenuation of 

50.8. 

The weighting coefficients used in the Remez Exchange program are specified in terms 

of decibel ripple for the maximum ripple in the passband as well as the minimum atten-
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Figure 6.11 Design response of 830 MHz SAW filter using the 
Remez algorithm and data listed in the tables 

uation in the stopbands [54]. The relation among them are: 

1 i orip/20 _ i 

1 orip/20+1 
weight = 

loatti 20 

in the passband 

in the stopbands 
(6.33) 

where rip is the maximum pass band ripple and att is the minimum stop band attenua-

tion. Figure 6.11 gives a plot of the frequency response for the 830 MHz bandpass filter 

produced by the Remez Exchange program. 

As shown, the impulse amplitude is symmetric about its midpoint, indicative of a 

linear phase filter. However, linear phase distortion of the filter has to be considered in 

order to simulate a realistic SAW filter. Based on the discussions given in the last section 

and Table 6.2, the linear phase distortion in the passband can be modelled as a random 

process uniformly distributed in the interval [-2° 2°], while the linear phase distortion in 
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the transition band and stop band are modelled as a Gaussian random process with zero 

mean and variance of 3. This higher value of distortion is used to reflect the higher dis 

tortion normally encountered in the transition band. This random distortion added to 

the filter phase response primarily models the effect of errors in the placement of IDTs 

and the effect of TTI. The error model used here does not properly include the of fect 

due to differences in sound propagation velocities. 

6.3.3 Effects of Linear Phase Distortion on System SNR 

As explained earlier, phase distortion in the transmit and receive SAW filters will 

affect the system SNR. These effects are investigated in this section using Monte Carlo 

techniques. To do this, assumptions similar to those in section 5.3 are made, except that 

1. The transmit and receive bandpass filters are a SAW filter, as specified in the 

proceeding subsection; 

2. The IF system bandwidth, which is 2B, is marked by 1 dB down points of the SAW 

filter frequency response illustrated in Figure 6.11. These points are 814.35 MHz 

and 845 MHz. 

A simulation of 100 trails was performed to determine the degradation of SNR due 

to phase distortion in the transmit and receive filters. Each trail consisted of generating 

two frequency responses: one for the transmit filter and the other for the receive filter. 

These frequency responses were generated by introducing random phase errors to the 

nominal frequency response. The phase errors in the passband were generated from two 

independent sequences of random numbers as follows: 

• The pass band is broken up into 76 equal intervals of width 0.405 MHz; 

• Two sequences of 76 independent uniformly distributed [-2° 2°] random numbers, 

were generated; 

• The first random number of the first sequence was used for the phase distortion 

for the first frequency interval in the transmit filter, i.e., [814.35 , 814.35.5 + 0.405) 

MHz. The second random number was used for second frequency interval, etc.; 
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• The second sequence of random numbers was used to generate the phase distortion 

for the receive filter in the same way it was done in the transmit filter. 

The phase errors in the transition and stop bands of the filter were generated with the 

same method, except that four independent sequences of normal distributed N(0, ID 

random variables were used: two for the phase errors in the lower and upper stopbands 

of the transmit filter, the other two for the phase errors in the lower and upper stopbands 

of the receive filter. 

Three different systems were considered: 

1. A system utilizing the "New" spreader and despreader. In this system the de-

spreader is the type requiring only switches for multipliers, which means it is not 

the same as the spreading function; 

2. A system with spreading/despreading based on the "IS-95" interior standard. Here 

the spreading and despreading functions consist of a PN sequence with a chip rate 

of R, = 2B. Again the multipliers in the despreader can be implemented with 

switches; 

3. A system with conventional PN spreading and despreading. The PN sequence used 

for spreading and despreading has a chip rate of R, = B. As in the first two 

systems, the multipliers in the despreader of this system can be implemented with 

switches. 

All three systems are taken to have a spreading gain of 100 and to carry 20 simultaneous 

users. 

The SNR degradation caused by each of the 100 sets of "phase distorted" filters was 

determined for each system using (6.32). The results of the simulation are shown in 

Figure 6.12. For the "New" spreading/despreading system the results are recorded with 

an "-", for the "IS-95" spreading/despreading the results are recorded with "+", and for 

the conventional "PN-code" spreading/despreading the results are recorded with "x". 

The "IS-95" system shows the most variation, which is expected since it has the most 

power in the transition band. On average, obviously, the "IS-95" system looks to be best 
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Figure 6.12 SNRs of three systems with different spreading 
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the "IS-95" system, and "x" — the "PN-code" 
system. 

with an average SNR of about 12.056 dB compared to an average value of 11.832 dB for 

the "New" system. If you consider the worst case, which occured at filter pair numbered 

46 on the abscissa of Figure 6.12, this is not true. The worst case SNR for the "New" 

system is 11.791 dB, while the worst case SNR for the "IS-95" is 11.254 dB. 

It is clear from Figure 6.12 that the performance of all three system depends on the 

phase distortion in the transmit and receive filters. What is not clear is the degradation in 

performance. The SNR for SAW filters with no phase distortion is 11.873 dB, 12.993 dB 

and 11.136 dB for the "New", "IS-95" and conventional "PN-code" systems, respectively. 

No doubt, the "IS-95" system is the best when distortion-free filters are used. However, 

it was previously pointed out that the "New" system out performed the "IS-95" system 

when in the worst case. The degradation due to phase distortion in the filters is shown 

in Figure 6.13, where the symbols, ".", "+" and "x", have the same meanings as in 
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Figure 6.13 Degradation of SNR for the three systems. "." 
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Figure 6.12. The points in this figure are the differences between the distortion-free 

SNRs and those shown in Figure 6.12. Obviously the phase distortion affects the "IS-95" 

system to a great extent. The average degradation of the SNR is 0.0408 dB, 0.9439 dB, 

and 0.0858 dB for the "New", "IS-95" and conventional "PN-code" systems respectively. 

This indicates that the "New" system with the proposed spreader and despreader is the 

most stable when the transmit and receive SAW filters have phase distortion and are not 

exactly linear phase filters. 

Therefore, it is hard to say which system is the best one when the linear phase distor-

tion is taken into account. If the performance of a system is determined by the average 

value, the "IS-95" system is still the best; if the performance of a system is determined by 

the worst case value, then the "New" system with the proposed spreading/despreading 

functions out-performs than the others. 
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Summary and Conclusions 

Digital signal processing can not be used to implement the transmit and receive band 

limiting filters in a wide bandwidth DS-SS CDMA system, because of limited sampling 

frequencies. Some other technologies such as analog signal processing or surface acoustic 

wave (SAW) have to be used to implement the filters in a wide band application. Perfect 

phase matching devices are not possible for the transmit and receive analog filters. If 

SAW devices are used to implement linear phase transmit and receive filters, it is not 

possible to get perfect linear phase transmit and receive filters. In this scenario, the 

degradation of system SNR due to phase mismatch or linear phase distortion in the 

transmit and receive filters is dependent on the spectral shape of the spreading function 

used in the system. 

In this thesis, a spreading function, whose power spectrum is wide, flat in the pass 

band and has a dip at the edge of the pass band in order to mitigate the effect of phase 

mismatch between the transmit and receive analog filters and linear phase distortion in 

the transmit and receive SAW filters, was suggested. Its effect on the system performance 

(SNR) has been analyzed for two scenarios: one with and the other without four quadrant 

multipliers. 

7.1 Summary of the Proposed Spreading Function 

The proposed spreading function is the linear combination of a NRZ polar signal 

and two sinusoidally weighted biphase signals. If the three coefficients in the proposed 

spreading function are chosen correctly, the power spectrum of the proposed spreading 

function can have a flat mainlobe with a sharp drop off near the band edge and reasonably 

low sidelobes. This spreading function offers an improvement in the ratio of the average 

mainlobe to peak sidelobe spectral density over the conventional binary PN spreading 

function. The improvement in the system SNR is 31.5% in a band limited DS-SS CDMA 

system. On the other hand, having the freedom to select the three coefficients allows for 
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a wide variety of spreading functions. It is easy to generate some of the conventional 

spreading functions from the proposed spreading function. For example, when the three 

coefficients A1, A2, and A3 are 1, 0, 0, respectively, the proposed spreading function is 

a conventional binary PN code spreading function; when the gains A1, A2, and A3 are 

set to be 1/2, 0, —1/2, respectively, the proposed spreading function becomes a raised 

cosine weighted binary PN code spreading function. 

7.2 Summary of the Performances of the Proposed Spreading 

Function in Wide Band Applications 

In a band limited direct-sequence spread-spectrum CDMA system with four quadrant 

multipliers, the optimal SNR of the system results when the transmit and receive band 

limiting filters are perfectly phase matched and the in-band spectrum of the spreading 

function is flattened. However, mismatch of the transmit and receive analog filters used 

for wide band applications is inevitable. For the same mismatched transmit and receive 

filters pairs described in section 5.3, the degradation of system SNR with the proposed 

spreading function was 26.0% (worst case), while the degradation of system SNR with 

the spreading function used in "IS-95" standard was 49.2% (worst case). The proposed 

spreading function yielded the largest worst case SNR. 

The computed results given in section 6.3 show that the average degradation of system 

SNR caused by the linear phase distortion in the SAW filters was only 0.0408 dB for the 

proposed spreading function, but it is 0.9439 dB for the "IS-95" spreading function. 

7.3 Conclusions 

A method of generating a new spreading function to increase the capacity of a band 

limited DS-SS CDMA system has been proposed. The proposed spreading function has 

the advantage of a reasonably flat portion in its power spectrum. It has been shown that 

this new spreading function can result in a capacity increase. In a wide band application, 

this spreading function is not only less susceptible to phase mismatches between the 

transmit and receive analog filters, but also less susceptible to linear phase distortions in 

the transmit and receive SAW filters. Therefore, the proposed spreading function shows 

promise for use in wideband CDMA applications. 
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Appendices 

A. Simulation Program for a DS-SS RAKE Receiver with Match-

ing Filters 

• Assume the communication channel is a 3 path channel with Ricean distributed 

gains, which means the square of the gains are exponential distributed. The power 

is controlled so that the total received signal power is constant. 

• The path delays are random variables: the three delays for user of interest are 

uniformly distributed on the intervals (0 Tc), (2Tc 3Tc), (4Tc 5Tc) respectively, 

while the three path delays for the co-users are all uniformly distributed on the 

interval (0 5Tc). The users delays are chosen this way to ensure the paths are 

separated by more than Tc. The path delays are constant in one data bit. 

• The spreading functions in the system has the form p(t) * (Al + A2 * sin(Wc* t) 

A3 * cos(Wc * t)), where p(t) is PN sequence, Al, A2 and A3 are adjustable gains, 

and We is the radian frequency of 1/Tc. The frequency corresponding to the first 

null in the power spectrum density is 2/Tc. 

• The processing gain is T times B where B is the bandwidth of the low pass filter 

used to filter sidelobes of the spectrum of the spreading. B is less than or equal to 

the mainlobe bandwidth of the spectrum of the spreading function. 

• Two seventh order elliptic analog filters are used as transmit and receive band 

limiting filters which have identical frequency responses. 
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% define parameters 

seed=10000; 
rand('seed',seed) 
samples_per_chip=20; 
no_of_chips=50; 
processing_gain=100; 
no_of_different_user_spreading_functions=1000; 
no_of_bits_processed=l; 
no_of_co_users=19; 
K=no_of_co_users+1; 
b=4.4*10A6; % the bandwidth of low pass filters. 
Tc=processing_gain/b/no_of_chips; % the chip interval depends on 

% the number of chips in one 
% data bit 

A1=3.2; % three adjustable gains in the 
A2=6.08; % spreading function 
A3=0.75; 

% end parameter 

% define a seventh order elliptic analog filter 

N=7; % the order of the filters 
Rp=1.24; % pass band ripple(dB) 
Rs=60; % stop band attenuation(dB) 
Wn=2*pi*4.36*10A6; % the edge frequency in the pass band 
[z,p,k]=ellipap(N,Rp,Rs); % normalized analog elliptic filter 
z=z*Wn; 
p=p*Wn; 
k=k*Wn^(length(p)-length(z)); 
[zd,pd,kd]=bilinear(z,p,k,samples_per_chip/Tc); % digital equivalent 

% end definition 

% define matrices to speed up loops 

self_noise_vltg=zeros(no_of_different_user_spreading_functions,... 
no_of_bits_processed); 

co_user_noise_vltg=zeros(no_of_different_user_spreading_functions,. 
no_of_bits_processed); 

signal_voltage=zeros(no_of_different_user_spreading_functions,1); 

% end matrix definitions 

% set up index to be used in making spreading functions 
% with the right number of samples per chip 

interpolation_pn=[1+1/(2*samples_per_chip):1/samples_per_chip: 
no_of_chips+6]*Tc; 

t_ramp=[1/(2*samples_per_chip):1/samples_per_chip:1]*Tc; 

% set up a loop to emulate the process from the transmitter 
% to the receiver 

for m=[1:no_of_different_user_spreading_functions]; 
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% define the path gains for all K users, each user having three 
% paths and each user having strict power control. 

rand('uniform') 
beta_sq=-log(rand(K,3)); 
gain_control=1/(A1A2+(A2A2+A3A2)/2)*ones(K,3)./... 

(sum(beta_sq')"[1 1 1]); 
beta=sqrt(gain_control.*beta_sq); 

% end path gain definition 

% define path delays 

rand('uniform') 
tau(1,:)=(rand(1,3)+[0 2 4])*Tc; 
tau(2:K,:)=rand(K-1,3)*5*Tc; 

% end path delay definition 

% define carrier phase shifts associate with each user 

phi=2*pi*rand(K,3); 

% end carrier phase shift definitions 

% set up user's spreading functions in the transmitter 
% and receiver 

PN_sequence_user=1-2*round(rand(1,no_of_chips)); 
PN_sequence_user=[0 0 0 0 0 PN_sequence_user 0 0 0 0 0]; 
I_user=zeros(1,(no_of_chips+5)*samples_per_chip); 
Q_user=zeros(1,(no_of_chips+5)*samples_per_chip); 
for i=[1:3], 

user_sprdfl_pathi=... 
PN_sequence_user(fix((tau(1,i)+interpolation_pn)/Tc)); 

user_sprdf2_pathi=reshape((ones(no_of_chips+5,1)*... 
sin(2*pi*(tau(1,i)+t_ramp)/Tc))',... 
1,(no_of_chips+5)*samples_per_chip); 

user_sprdf3_pathi=reshape((ones(no_of_chips+5,1)*... 
cos(2*pi*(tau(1,i)+t_ramp)/Tc))',... 
1,(no_of_chips+5)*samples_per_chip); 

user_sprdf_pathi=user_sprdfl_pathi.*... 
(Al*ones(1,(no_of_chips+5)*samples_per_chip)+.. 
A2*user_sprdf2_pathi+A3*user_sprdf3_pathi); 

user_sprdf_pathi=filter(kd*poly(zd),poly(pd),user_sprdf_pathi) 
I_user_pathi=beta(1,i)*user_sprdf_pathi*cos(phi(1,i)); 
Q_user_pathi=beta(1,i)*user_sprdf_pathi*(-sin(phi(1,i))); 
signal_vltg_pathi=sum(I_user_pathi.A2+... 

Q_user_pathi."2)/... 
(no_of_chips*samples_per_chip); 

signal_voltage(m,1)=signal_voltage(m,1)+signal_vltg_pathi; 
I_user=I_user+I_user_pathi; 
Q_user=Q_user+Q_user_pathi; 

end 

self_noise_vltg(m,1)=sum(I_user.A2+Q_user.A2)/... 
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(no_of_chips*samples_per_chip)-signal_voltage(m,1); 

% set up a loop to calculate co-user noise 

for j=[1:no_of_bits_processed]', 
I_co_user_interference=zeros(1,(no_of_chips+5)*samples_per_chip) 
Q_co_user_interference=zeros(1,(no_of_chips+5)*samples_per_chip) 

% set up a loop to calculate co-user interference 

for n=[1:no_of_co_users], 
PN_sequence_co_user=1-2*round(rand(1,no_of_chips+10)); 
for i=[1:3], 

couser_sprdfl_pathi=PN_sequence_co_user(... 
fix((tau(n+1,i)+interpolation_pn)/Tc)); 

couser_sprdf2_pathi=reshape((ones(no_of_chips+5,1)*... 
sin((tau(n+1,i)+t_ramp)*2*pi/Tc))',.. 
1,(no_of_chips+5)*samples_per_chip); 

couser_sprdf3_pathi=reshape((ones(no_of_chips+5,1)*... 
cos((tau(n+1,i)+t_ramp)*2*pi/Tc))',.. 
1,(no_of_chips+5)*samples_per_chip); 

couser_sprdf_pathi=couser_sprdfl_pathi.*... 
(Al*ones(1,(no_of_chips+5)*samples_per_chip)... 
+A2*couser_sprdf2_pathi+A3*couser_sprdf3_pathi); 

I_couser_pathi=beta(n+1,1)*couser_sprdf_pathi*... 
cos(phi(n+1,i)); 

Q_couser_pathi=beta(n+1,i)*couser_sprdf_pathi*. 
(-sin(phi(n+1,i))); 

I_co_user_interference=I_co_user_interference+. 
I_couser_pathi; 

Q_co_user_interference=Q_co_user_interference+. 
Q_couser_pathi; 

end 
end 

I_co_user_interference=filter(kd*poly(zd),poly(pd),. 
I_co_user_interference); 

Q_co_user_interference=filter(kd*poly(zd),poly(pd),... 
Q_co_user_interference); 

co_user_noise_vltg(m,j)=sum(I_co_user_interference.*I_user+. 
Q_co_user_interference.*Q_user ); 

co_user_noise_vltg(m,j)=co_user_noise_vltg(m,j)/... 
(samples_per_chip*no_of_chips); 

self_noise_vltg(m,j)=self_noise_vltg(m,1); 
end 

end 

SNR_filter=1/(std(signal_voltage/mean(signal_voltage)))^2; 
SNR_couser=sum(sum((co_user_noise_vltg/mean(signal_voltage))."2)); 
SNR_couser=(SNR_couser/(no_of_bits_processed*... 

no_of_different_user_spreading_functions))^(-1); 
SNR_total=(sum(sum(((co_user_noise_vltg+self_noise_vltg)/... 

mean(signal_voltage)).^2))/(no_of_bits_processed*... 
no_of_different_user_spreading_functions))^(-1); 
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[y,x]=hist(1+reshape( co_user_noise_vltg/mean(signal_voltage),... 
1, no_of_bits_processed*... 
no_of_different_user_spreading_functions),[-0.9:0.1:2.9]); 

save simu_sprd SNR_couser x y signal_voltage co_user_noise_vltg 
self_noise_vltg SNR_total no_of_chips processing_gain SNR_filter; 

quit 
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B. Simulation Program for a DS-SS RAKE Receiver with Mis-

matching Filters 

• Assume the communication channel is a 3 path channel with Ricean distributed 

gains, which means the square of the gains are exponential distributed. The power 

is controlled so that the total received signal power is constant. 

• The path delays are random variables: the three delays for user of interest are 

uniformly distributed on the intervals (0 Tc), (2Tc 3Tc), (4Tc 5Tc) respectively, 

while the three path delays for the co-users are all uniformly distributed on the 

interval (0 5Tc). The users delays are chosen this way to ensure the paths are 

separated by more than Tc. The path delays are constant in one data bit. 

• The spreading functions in the system has the form p(t) * (Al + A2 * sin(Wc * t) + 

A3 * cos(Wc * t)), where p(t) is PN sequence, Al, A2 and A3 are adjustable gains. 

and We is the radian frequency of 1/Tc. The frequency corresponding to the first 

null in the power spectrum density is 2/Tc. 

• The processing gain is T times B where B is the bandwidth of the low pass filter 

used to filter sidelobes of the spectrum of the spreading. B is less than or equal to 

the mainlobe bandwidth of the spectrum of the spreading function. 

• Two seventh order elliptic analog filters are used as transmit and receive band 

limiting filters which have some differences in the frequency responses. 
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% define parameters 

seed=10000; 
rand('seed',seed) 
samples_per_chip=20; 
no_of_chips=50; 
processing_gain=100; 
no_of_different_user_spreading_functions=1000; 
no_of_bits_processed=l; 
no_of_co_users=19; 
K=no_of_co_users+1; 
b=4.4*10A6; % the bandwidth of low pass filters. 
Tc=processing_gain/b/no_ f_chips; % the chip interval depends on 

% the number of chips in one 
% data bit 

Al=3.2; % three adjustable gains in the 
A2=6.08; % spreading function 
A3=0.75; 

% end parameter 

% define a seventh order elliptic analog filter 
% as a transmit filter 

N=7; % the order of the filters 
Rp_t=1.0838; % pass band ripple(dB) 
Rs=60; % stop band attenuation(dB) 
Wn_t=2*pi*4.7494*10A6; % the edge frequency in the pass band 
[z t,p_t,k_t]=ellipap(N,Rp_t,Rs); % normalized analog elliptic filter 
z_t=z_t*Wn_t;-
p_t=p_t*Wn_t; 
k_t=k_t*Wn_tA(length(p_t)-length(z t)); 
[zd_t,pd_t,kd_t]=bilinear(z_t,p_t _t,samples_per chip/Tc); 

% digital equivalen-t-

% end definition 
% define a seventh order elliptic analog filter 
% as a receive filter 

N=7; % the order of the filters 
Rp_r=1.1115; % pass band ripple(dB) 
Rs=60; % stop band attenuation(dB) 
Wn_r=2*pi*3.9368*10A6; % the edge frequency in the pass band 
[z_r,p_r,k_r]=ellipap(N,Rp_r,Rs); % normalized analog elliptic filter 
z_r=z_r*Wn_r; 
p_r=p_r*Wn_r; 
k_r=k_r*Wn_rA(length(p_r)-length(z_r)); 
[zd_r,pd_r,kd_r]=bilinear(z_r,p_r,k_r,samplesper_chip/Tc); 

% digital equivalent 

% end definition 

% define matrices to speed up loops 
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self_noise_vltg=zeros(no_of_different_user_spreading_functions,... 
no_of_bits_processed); 

co_user_noise_vltg=zeros(no_of_different_user_spreading_functions,.. 
no_of_bits_processed); 

signal_voltage=zeros(no_of_diffei'ent_user_spreading_functions,1); 

% end matrix definitions 

% set up index to be used in making spreading functions 
% with the right number of samples per chip 

interpolation_pn=f1+1/(2*samples_per_chip):1/samples_per_chip:... 
no_of_chips+61*Tc; 

% set up a loop to emulate the process from the transmitter 
% to the receiver 

for m=[1:no_of_different_user_spreading_functions]; 

% define the path gains for all K users, each user having three 
% paths and each user having strict power control. 

rand('uniform') 
beta_sq=-log(rand(K,3)); 
gain_control=1/(A1^2+(A2A2+A3A2)/2)*... 

ones(K,3)./(sum(beta_sq')'*[1 1 1]); 
beta=sqrt(gain_control.*beta_sq); 

% end path gain definition 

% define path delays 

rand('uniform') 
tau(1,:)=(rand(1,3)+[0 2 4])*Tc; 
tau(2:K,:)=rand(K-1,3)*5*Tc; 

% end path delay definition 

% define carrier phase shifts associate with each user 

phi=2*pi*rand(K,3); 

% end carrier phase shift definitions 

% set up user's spreading functions in the transmitter and receiver 

PN_sequence_user=1-2*round(rand(1,no_of_chips)); 
PN_sequence_user=[0 0 0 0 0 PN_sequence_user 0 0 0 0 0]; 
I_t_user=zeros(1,(no_of_chips+5)*samples_per_chip); 
Q_t_user=zeros(1,(no_of_chips+5)*samples_per_chip); 
I_r_user=zeros(1,(no_of_chips+5)*samples_per_chip); 
Q_r_user=zeros(1,(no_of_chips+5)*samples_per_chip); 
for i=[1:3], 

user_sprdfl_pathi=... 
PN_sequence_user(fix((tau(1,1)+interpolation_pn)/Tc)); 

user_sprdf2_pathi=sin(2*pi*(tau(1,i)+interpolation_pn)/Tc); 
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user_sprdf3_pathi=cos(2*pi*(tau(1,i)+interpolation_pn)/Tc); 
user_sprdf_pathi=user_sprdf1_pathi.*... 

(Al*ones(1,(no_of_chips+5)*samplesper_chip)+... 
A2*user_sprdf2_pathi+A3*user_sprdf3_pathi); 

I_user_pathi=beta(1,i)*user_sprdf_pathi*cos(phi(1,i)); 
Q_user_pathi=beta(1,i)*user_sprdf_pathi*(-sin(phi(1,i))); 
I_t_user_pathi=filter(kd_t*poly(zd_t),poly(pd_t),I_user_pathi); 
Q_t_user_pathi=filter(kd_t*poly(zd_t),poly(pd_t),Q_user_pathi); 
I_r_user_pathi=filter(kd_r*poly(zd_r),poly(pd_r),I_user_pathi); 
Q_r_user_pathi=filter(kd_r*poly(zd_r),poly(pd_r),Q_user_pathi); 
signal_vltg_pathi=sum(I_t_user_pathi.*I_r_user_pathi+... 

Q_t_user_pathi.*Q_r_user_pathi)/... 
(no_of_chips*samples_per_chip); 

signal_voltage(m,1)=signal_voltage(m,1)+signal_vltg_pathi; 
I_t_user=I_t_user+I_t_user_pathi; 
Q_t_user=Q_t_user+Q_t_user_pathi; 
I_r_user=I_r_user+I_r_user_pathi; 
Q_r_user=Q_r_user+Q_r_user_pathi; 

end 

self_noise_vltg(m,1)=sum(I_t_user.*I_r_user+Q_t_user.*Q_r_user)/... 
(no_of_chips*samples_per_chip)-signal_voltage(m,1); 

% set up a loop to calculate co-user noise 

for j=[l:no_of_bits_processed], 
I_co_user_interference=zeros(1,(no_of_chips+5)*samples_per_chip) 
Q_co_user_interference=zeros(1,(no_of_chips+5)*samples_per_chip) 

% set up a loop to calculate co-user interference 

for n=[1:no_of_co_users], 
PN_sequence_co_user=1-2*round(rand(1,no_of_chips+10)); 
for i=[1:3], 

couser_sprdf1_pathi=PN_sequence_co_user(... 
fix((tau(n+1,i)+interpolation_pn)/Tc)); 

couser_sprdf2_pathi=sini(tau(n+1,i)+... 
interpolation_pn)*2*pi/Tc); 

couser_sprdf3_pathi=cos((tau(n+1,i)+... 
interpolation_pn)*2*pi/Tc); 

couser_sprdf_pathi=couser_sprdf1_pathi.*... 
(A1*ones(1,(no_of_chips+5)*samples_per_chip)... 
+A2*couser_sprdf2_pathi+A3*couser_sprdf3_pathi); 

I_couser_pathi=beta(n+1,i)*couser_sprdf_pathi*... 
cos(phi(n+1,i)); 

Q_couser_pathi=beta(n+1,1)*couser_sprdf_pathi*.. 
(-sin(phi(n+1,i))); 

I_co_user_interference=I_co_user_interference+.. 
I_couser_pathi; 

Q_co_user_interference=Q  co_user_interference+.. 
Q_couser_pathi; 

end 
end 

I_co_user_interference=filter(kd_t*poly(zd_t),poly(pd_t),... 
I_co_user_interference); 
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Q_co_user_interference=filter(kd_t*poly(zd_t),poly(pd_t),... 
Q_co_user_interference); 

co_user_noise_vltg(m,j)=sum(I_co_user_interference.*I_r_user+. 
Q_co_user_interference.*Q_r_user ); 

co_user_noise_vltg(m,j)=cd_user_noise_vltg(m,j)/... 
(samples_per_chip*no_of_chips); 

self_noise_vltg(m,j)=self_noise_vltg(m,1); 

end 

end 

SNR_filter=1/(std(signal_voltage/mean(signal_voltage)))^2; 
SNR_couser=sum(sum((co_user_noise_vltg/mean(signal_voltage)).^2)); 
SNR_couser=(SNR_couser/(no_of_bits_processed*... 

no_of_different_user_spreading_functions))^(-1); 
SNR_total=(sum(sum(((co_user_noise_vltg+self_noise_vltg)/... 

mean(signal_voltage))."2))/(no_of_bits_processed*... 
no_of_different_user_spreading_functions))"(-1); 

[y,x]=hist(1+reshape( co_user_noise_vltg/mean(signal_voltage),... 
1, no_of_bits_processed*... 
no_of_different_user_spreading_functions),[-0.9:0.1:2.9]); 

save simu_sprd SNR_couser x y signal_voltage co_user_noise_vltg 
self_noise_vltg SNR_total no_of_chips processing_gain SNR_filter; 

quit 
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